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Abstract

The transition to 5G technology is a significant step forward in mobile communication, as
it is expected to achieve higher data rates, ultra-reliable low-latency communications (uRLLC),
and massive machine-type communications (mMTC). The 5G New Radio (5G NR) developed
by 3rd Generation Partnership Project (3GPP) is a radio access technology (RAT) that
supports a wide frequency range, FR1 (410MHz− 7.125GHz) and FR2 (24.25GHz− 71GHz).
5G NR is important for a broad variety of applications, for example robotics, automotive,
factory automation, and healthcare which require enhanced mobile broadband (eMBB) and
high-efficiency spectrum use.

There is an increasing use of Gallium Nitride (GaN) High Electron Mobility Transistors
(HEMTs) in power amplifiers for high power and broadband base stations in the 5G networks.
Unlike CMOS, GaN HEMTs can deliver high power levels at high frequencies. A feature which
is essential for mmWave 5G applications.

In this thesis, two differential Stacked FET Power Amplifiers (PAs) are implemented for
the FR1 n79 frequency band of 4.4-5 GHz. The first PA is designed using 22nm Fully-Depleted
Silicon-On-Insulator (FDSOI) transistor technology (22FDX), and the second PA is designed
using GaN HEMT 0.15 µm technology (GH15). A comparison of the performance metrics
reveals that while the 22FDX CMOS PA achieves an OP1dB of 28.1 dBm with a Power Added
Efficiency (PAE) of 30% and a gain of 26 dB, the GaN PA significantly outperforms it in terms
of output power, delivering an OP1dB of 44.5 dBm, though with a lower PAE of 16% and a
gain of 22.7 dB.

Given its OP1dB of 28.1 dBm, the 22FDX Stacked PA could be effectively utilized as
a pre-power amplifier, feeding the GaN Stacked PA (when it comes to FR1 applications) to
enhance overall system level of integration. On the other hand, CMOS SOI PA is a perfect
candidate for FR2 bands, where massive MiMo allows for lower power levels at the antenna,
since a large number of antenna elements – and thus PAs – are used to build the phased array
system. This approach highlights the complementary strengths of both technologies, with GaN
offering superior power capabilities while CMOS can serve critical roles in the amplification
chain.
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Chapter 1

Introduction

1.1 Importance of 5G in modern communication systems

The shift from the fourth generation (4G) to the fifth generation (5G) in mobile communi-
cation represents a significant advancement in wireless technology, promising to enhance user
experiences by meeting the growing demand for higher data rates and an increasing number
of connected devices. The transition to 5G is not merely an incremental improvement but a
foundational change in how mobile networks operate, supporting a wide array of applications
across various industries, including robotics, automotive, factory automation, healthcare, and
education.

5G New Radio (NR), developed by the 3rd Generation Partnership Project (3GPP), is
the cornerstone of this revolution. It supports a broad spectrum of frequencies, including
the millimeter-wave (mmWave) bands, which offer high spectral efficiency, data speeds up
to 20 Gbps, and channel bandwidths up to 2 GHz. These capabilities make 5G NR suitable
for various applications, from fixed wireless access to mobile broadband, enabling seamless
connectivity in both fixed and mobile environments. The NR framework is designed to support
diverse usage scenarios such as ultra-reliable low latency communications (uRLLC), enhanced
mobile broadband (eMBB), and massive machine type communications (mMTC), each with
distinct system-level performance requirements as depicted in 1.1.

A significant distinction between 4G and 5G, as highlighted in figure 1.2, is the evolution
from a network primarily focused on enhancing mobile broadband services for human users to
one that supports a wide range of devices and applications, including the Internet of Things
(IoT). This transition brings substantial improvements in peak data rate, latency, connection
density, and energy efficiency. These advancements are critical not only for enhancing current

Figure 1.1: Some usage scenarios proposed by International Mobile Telecommunications (IMT) [1]
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1.2. Motivation for using GaN HEMT and FD-SOI technologies in PA
design

Figure 1.2: The network features of 4G and 5G. VR: virtual reality, AR: augmented reality, UHD:
ultra-high definition, V2X: vehicle to everything, IoT: internet of things, OFDM: orthogonal frequency-
division multiplexing, MIMO: multiple input-multiple output, HetNet: heterogeneous network, D2D:
device to device, LPDC: low-density parity check codes, SDN: software-defined networking, NFV:
network function virtualization [1]

communication systems, but also for enabling new applications and services that were previously
unattainable with earlier generations. However, achieving these capabilities, particularly the
high data rates and low latencies, depends heavily on the efficiency and performance of power
amplifiers (PAs) used in 5G transmitters.

In the deployment of 5G networks, the FR1 band is primarily utilized for providing
widespread coverage and ensuring robust connectivity, especially in densely populated urban
areas and indoors. Its lower frequencies allow signals to travel further and penetrate obstacles
more effectively than the higher frequencies used in the FR2 band. However, the FR2 band,
with its higher frequency range, is critical for delivering the highest data rates and supporting
advanced features like 3D beamforming. This makes the design of RF PAs particularly
challenging, as they must handle the demanding requirements of broadband modulation,
massive MIMO, and beamforming that are essential for achieving the high performance
promised by 5G. GaN-based PAs, known for their high power density and efficiency, are
especially well-suited to meet these challenges, making them a key component in the successful
deployment of 5G networks.

1.2 Motivation for using GaN HEMT and FD-SOI technologies
in PA design

The rapid advancement of 5G technology, particularly in the mm-Wave frequency bands,
has intensified the demand for efficient and cost-effective RF front-end modules (FEMs). A
critical component of these FEMs is the power amplifier (PA), whose performance in terms of

2



1.3. Overview of the Power Amplifier Designs and Objectives

Power Added Efficiency (PAE), output power, linearity, and form factor directly influences the
overall efficiency and viability of 5G networks, especially in massive MIMO configurations.

Fully-Depleted Silicon-On-Insulator (FD-SOI) technology has emerged as a strong candi-
date for low-cost integration of PAs in FEMs, particularly for 5G mm-Wave applications. The
key advantage of FD-SOI lies in its ability to integrate complex RF front-end circuitry at a
lower cost, which is crucial for the deployment of massive MIMO antennas where numerous
PAs are required. This low-cost integration is vital for 5G’s success, as it allows for scalable,
high-volume production necessary to meet the network’s extensive demands.

However, FD-SOI technology is traditionally geared towards low-power applications, which
comes with the drawback of lower breakdown voltage. This limitation necessitates the use
of advanced design techniques, such as cascode or stacked configurations, to achieve the
required high output power without exceeding the device’s voltage limits. These configurations
effectively distribute the voltage stress across multiple transistors, thereby enhancing the
overall robustness and performance of the PA. The ability of FD-SOI to combine low-cost
integration with these innovative design approaches makes it a compelling choice for specific
5G applications, despite its inherent limitations in power handling [2], [3], [4], [5].

While FD-SOI offers significant advantages in terms of integration and cost, III-V semi-
conductor technologies such as GaN HEMTs provide unparalleled performance in power
amplification, especially at higher frequencies. GaN HEMTs are well-regarded for their high
output impedance, low output capacitance, and high breakdown voltage, which collectively
contribute to their superior PAE and higher output power (POUT). These attributes are par-
ticularly beneficial for base-station applications in 5G networks, where efficiency and power
density are paramount [6].

However, GaN and other III-V technologies like Gallium Arsenide (GaAs) face challenges
related to integration and cost. Their limited ability to integrate multiple RF front-end and
control ICs within a single module, coupled with higher production costs, poses potential
barriers to their widespread adoption in massive MIMO configurations, where numerous PAs
are needed to perform phased-array beamforming.

1.3 Overview of the Power Amplifier Designs and Objectives

The objective of this diploma thesis is to present two differential-ended Power Amplifier
designs in the n79 5G NR frequency band (4.4-5 GHz) using CMOS and GaN HEMT technolo-
gies. The designs were implemented in 22FDX and GH15 technologies, achieving OP1dB of
28.1 dBm and 44.5 dBm respectively at the frequency of interest. The whole design process will
be elaborately discussed, and the verification will be provided via simulations with Cadence
Virtuoso and AWR MWO Environments in each case.

3



Chapter 2

RF Design Fundamentals

2.1 Y, Z, ABCD Parameters

2.1.1 Y Parameters

The electrical behavior of linear RF networks is described using the admittance or Y
parameters. These parameters relate the input and output voltages and currents at the two
ports of a network. The Y parameters for a two-port network are defined as follows:[

I1

I2

]
=

[
Y11 Y12

Y21 Y22

] [
V1

V2

]
. (2.1)

In general, for a n-port network, the admittance Yij is defined as:

Yij =
Ii
Vj

∣∣∣∣
Vk=0
, for k ̸= j. (2.2)

This implies that while calculating the admittance all the other ports are connected by short
circuit (or arbitrary grounded) while the port j is left open. This is used to express admittance
in microwave networks, although it is frequency dependent.

2.1.2 Z Parameters

The impedance parameters or Z parameters relate the input and output voltage and
current in a two-port network. They are defined in terms of the open-circuit impedance matrix
as follows: [

V1

V2

]
=

[
Z11 Z12

Z21 Z22

] [
I1

I2

]
. (2.3)

For a n-port network, the impedance Zij is calculated as:

Zij =
Vi
Ij

∣∣∣∣
Ik=0
, for k ̸= j. (2.4)

This means that all the other ports except port j are assumed to be open circuited, which
means that no current flows through the other ports. From these definitions, it is known that:

[Z] = [Y ]−1. (2.5)

4



2.2. S-parameters

Figure 2.1: Two-port network for representation of Y, Z [7].

2.1.3 ABCD Parameters

Many high-frequency circuits are formed by a series connection of two-port networks.
For such networks, relevant and simplified parameters are the ABCD parameters (or chain
parameters). The ABCD matrix is defined for a two-port network as shown below:[

V1

I1

]
=

[
A B

C D

] [
V2

I2

]
. (2.6)

A =
V1
V2

∣∣∣∣
I2=0
, B =

V1
I2

∣∣∣∣
V2=0
. (2.7)

C =
I1
V2

∣∣∣∣
I2=0
, D =

I1
I2

∣∣∣∣
V2=0
. (2.8)

The n-port network will, in most instances, be symmetric, implying that A = D. Moreover,
when two two-port networks are connected in series their ABCD matrices can be multiplied
to get the ABCD parameters of the overall network. For example, when two networks with
parameters [A1, B1, C1, D1] and [A2, B2, C2, D2] are cascaded, the total ABCD parameters are:[

V1

I1

]
=

[
A1 B1

C1 D1

] [
A2 B2

C2 D2

] [
V3

I3

]
. (2.9)

Thus, the overall ABCD matrix becomes:[
A B

C D

]
=

[
A1 B1

C1 D1

] [
A2 B2

C2 D2

]
. (2.10)

2.2 S-parameters

S-parameters are called scattering parameters and are defined for linear networks specifically
for RF and microwave applications at higher frequencies. At such frequencies, the use of Z
and Y parameters becomes impractical due to instability. S-parameters are more convenient
when describing networks where the signal is made up of traveling waves.

S-parameters relate the incident and reflected voltage waves at the ports of a network, as
shown in Figure 2.3. For a two-port network, the incident waves (a1, a2) and reflected waves

5



2.2. S-parameters

Figure 2.2: (a) Two-port network for ABCD matrix, (b) Cascade of two two-port networks [7]

(b1, b2) are described as follows:

S11 =
b1
a1

∣∣∣∣
a2=0
, S12 =

b1
a2

∣∣∣∣
a1=0
, (2.11)

S21 =
b2
a1

∣∣∣∣
a2=0
, S22 =

b2
a2

∣∣∣∣
a1=0
. (2.12)

The S-parameters are defined as follows:

• S11 is the input reflection coefficient.
• S21 is the forward transmission coefficient.
• S12 is the reverse transmission coefficient.
• S22 is the output reflection coefficient.

Figure 2.3: Two-port network representing the S-parameter matrix [S]. The incident waves (a1, a2) and
reflected waves (b1, b2) are related by the S-parameters [8].

The general form of the two-port S-parameter matrix can be written as:(
b1

b2

)
=

(
S11 S12

S21 S22

)(
a1

a2

)
. (2.13)

S-parameters are complex numbers, with both a magnitude and a phase. They are often
expressed in decibel (dB) scale, where the magnitude is given as:

Smn,dB = 20 log10 |Smn|. (2.14)

6



2.3. Stability Criteria

S-parameters are essential for characterizing the behavior of microwave networks and are
measured using devices such as vector network analyzers (VNAs). These parameters allow us
to evaluate key performance metrics, such as gain, reflection, and isolation.

2.3 Stability Criteria

In contrast to passive components, which never oscillate, an active device may either
amplify a signal or sustain continuous oscillations. Since the goal is to design an amplifier,
oscillations must be avoided, as they indicate instability in the amplifier’s performance. Stability
is particularly crucial when the amplifier is expected to operate at a fixed frequency without
continuous oscillations. To achieve this, studying the stability conditions of an amplifier is
essential.

2.3.1 Reflection Coefficients

To determine the stability criteria, we first need to define the reflection coefficients. The
reflection coefficient describes the ratio of a reflected wave to the incident wave at the input or
output of the network.

For a general reflection coefficient at port i, we define it as:

Γi =
bi
ai
=
V −i
V +i
, (2.15)

where:
• Γi is the reflection coefficient,
• bi is the reflected wave amplitude at port i,
• ai is the incident wave amplitude at port i,
• V −i and V

+
i are the reflected and incident voltages at port i, respectively.

as shown in Figure 2.3.

The reflection coefficient that looks towards the load is:

ΓL =
bL
aL
⇒ bL = ΓL · aL. (2.16)

From Figure 2.3, we observe:

V +L = −V
+
2 = V

−
2 ⇒ aL = b2, (2.17)

V −L = −V
−
2 = V

+
2 ⇒ bL = a2. (2.18)

Substituting the equations 2.17, 2.18 into the reflection equation 2.16:

a2 = ΓLb2. (2.19)

In a two-port network, the waves at the input and output can be related by the following
equations using S-parameters:

b1 = S11a1 + S12a2, (2.20)

b2 = S21a1 + S22a2. (2.21)

7



2.3. Stability Criteria

By combining all the above information, the input reflection coefficient is formed as:

ΓIN =
b1
a1

2.20=
S11a1 + S12a2

a1

2.19= S11 +
S12ΓLb2
a1

2.21= S11 +
S12S21ΓL
1− S22ΓL

. (2.22)

Similarly, using the same procedure, the output reflection coefficient is:

ΓOUT =
b2
a2
= S22 +

S12S21ΓS
1− S11ΓS

. (2.23)

2.3.2 Stability Circles

Stability circles provide a visual tool to determine regions in the Smith chart where
instability could arise. These circles help in analyzing whether the reflection coefficients ΓIN
and ΓOUT are within stable or unstable regions.

For a two-port network, oscillation is likely if either the input or output impedance has a
negative real part. This scenario is avoided by ensuring that the reflection coefficients at both
the input and output meet the following conditions [9]:

|ΓIN| < 1 and |ΓOUT| < 1. (2.24)

When both conditions are satisfied for all passive source and load impedances, the amplifier is
said to be unconditionally stable. If these conditions are not met, the amplifier may exhibit
conditional stability or instability depending on the impedance values.

Stability circles are characterized by the condition where the magnitude of the reflection
coefficients equals one. These conditions are expressed mathematically as:

|ΓIN| = 1 and |ΓOUT| = 1. (2.25)

The parameters of the stability circle, specifically its center and radius, can be calculated. For
the output stability circle, the center CL and radius RL are defined as follows:

CL =
(S22 −∆S∗11)∗

|S22|2 − |∆|2
, (2.26)

RL =
|S12S21|
|S22|2 − |∆|2

, (2.27)

∆ is the determinant of the S-parameter matrix and is given by:

∆ = S11S22 − S12S21. (2.28)

Similarly, for the input stability circle, the center CS and radius RS are expressed as:

CS =
(S11 −∆S∗22)∗

|S11|2 − |∆|2
, (2.29)

RS =
|S12S21|
|S11|2 − |∆|2

. (2.30)

8



2.3. Stability Criteria

For unconditional stability, the stability circles must lie completely outside the Smith chart.
This ensures that no unstable reflection coefficients exist within the practical impedance range.
The condition for unconditional stability can be written as:

|CL| −RL > 1 and |CS | −RS > 1. (2.31)

When both of these conditions are met, the reflection coefficients at both the input and output
ports are stable for all passive impedance values, guaranteeing that no oscillations will occur
in the amplifier.

2.3.3 Rollet’s Stability Criterion (k-Factor)

Rollet’s stability criterion, also known as the k-factor criterion, provides a simple numerical
method to verify unconditional stability. The criterion is based on the S-parameters and provides
a value kf . For unconditional stability, the following conditions must be met [10]:

kf =
1− |S11|2 − |S22|2 + |∆|2

2|S12S21|
> 1, (2.32)

|∆| = |S11S22 − S12S21| < 1. (2.33)

An additional stability parameter, B1f , is used to further assess stability. The B1f parameter
is calculated as follows:

B1f = 1 + |S11|2 − |S22|2 − |∆|2. (2.34)

If B1f > 0, the amplifier is considered to be stable.

2.3.4 Stability Factors µ and µ′

The µ and µ′ stability factors provide a reliable method for assessing the unconditional
stability of a two-port network by focusing on the input and output reflection coefficients [11].

The µ′ factor is used to assess the stability at the input of a two-port network. It is defined
by the following equation:

µ′ =
1− |S11|2

|S22 −∆S∗11|+ |S12S21|
, (2.35)

∆ = S11S22 − S12S21.

Similarly, the µ factor assesses the stability at the output of the amplifier and is defined
as:

µ =
1− |S22|2

|S11 −∆S∗22|+ |S12S21|
. (2.36)

When both µ′ > 1 and µ > 1, the source and load impedances that could cause instability lie
outside the Smith chart. This guarantees unconditional stability under all practical operating
conditions.

Stability is a crucial factor in amplifier design. Ensuring both input and output stability
across the desired frequency range is essential for reliable amplifier performance. Methods
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like stability circles, Rollet’s criterion, and the B1f stability parameter provide practical ways
to analyze and guarantee the stability of a circuit. The µ and µ′ factors complement these
approaches, offering a straightforward method for determining unconditional stability across a
wide range of source and load impedances.

2.4 Power Gain Definitions

In amplifier design, power gain is a crucial metric used to evaluate the performance of
the amplifier. Different definitions of power gain are employed, each providing unique insights
into the amplifier’s behavior depending on the stage of the design process. Below are the most
common types of power gain:

2.4.1 Operating Power Gain (G)

Operating power gain is defined as the ratio of the power delivered to the load (PL) to
the power provided at the input (Pin). This gain is independent of the source impedance and
represents the power transferred from the input to the output of the two-port network. It is
expressed as:

G =
PL
Pin
. (2.37)

2.4.2 Available Power Gain (GA)

Available power gain refers to the ratio of the power available from the two-port network
to the power available from the source. This type of gain assumes conjugate matching both at
the input and output ports, meaning that the source and load impedances are conjugates of
the input and output impedances of the two-port network. The expression for available power
gain is:

GA =
Pav
Pavs
, (2.38)

Pav is the available power from the amplifier, and Pavs is the available power from the source.

2.4.3 Transducer Power Gain (GT )

The transducer power gain defines the ratio of the power delivered to the load to the
power available from the source. This gain takes into account the matching conditions at both
the input and output, making it a commonly used metric in practical amplifier design. The
transducer power gain is calculated as:

GT =
PL
Pavs
. (2.39)

These three definitions provide a complete framework for understanding the power performance
of an amplifier. Each type of gain considers different conditions for impedance matching,
making them suitable for different stages of design and optimization.
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Figure 2.4: Single stage amplifier with it’s matching networks [7].

2.5 Impedance Matching

In RF and microwave circuit design, impedance matching is crucial for ensuring maximum
power transfer between different stages, such as from a source to an amplifier or from an
amplifier to a load. Proper impedance matching helps to minimize signal reflections, optimize
power transfer, and maintain the stability of the amplifier across its operating frequency range
[7, 12].

In order to avoid signal reflections that cause large power loss, the source impedance and
the load impedance shall be matched usually referred to as impedance matching. Reflections
take place when the impedances between the two stages of a circuit are nonconjugate and part
of the signals bounces back towards the source, hence the power that gets through to the load
is decreased. This fact is more critical at high frequencies, which leads to substantially reduced
performance. According to [7], matching circuits are designed to achieve a condition where the
load and source impedances are conjugate matched, which means that:

Γin = Γ∗S and Γout = Γ
∗
L, (2.40)

Γin and Γout are the reflection coefficients looking into the amplifier’s input and output,
respectively, and ΓS and ΓL are the reflection coefficients of the source and load.

The main fact to understand is the maximum power transfer theorem according to which,
the load impedance must be equal to the complex conjugate of the source impedance. This
means:

ZS = Z∗L ⇒ ΓS = Γ∗L. (2.41)

Solitary if these conditions attain, the maximum power transfer to the load is achieved, and
the performance of the circuit is advanced [12]. To establish this condition, with high-frequency
applications, matching networks composed of inductors, capacitors or transmission line sections
are employed. These types of networks transform the impedance of one stage to be conjugate
matched to the next stage in a manner to meet matching conditions at a particular bandwidth.

From Figure 2.4, the gain of a system with impedance matching is influenced by three
main factors, namely GS , G0, and GL, which are the gains of the input matching network, the
amplifier, and the output matching network, respectively. The overall maximum transducer
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power gain is defined as:

GT,max = GSG0GL =
|S21|2(1− |ΓS |2)(1− |ΓL|2)
|1− S11ΓS |2|1− S22ΓL|2

, (2.42)

where

GS =
1− |ΓS |2

|1− ΓinΓS |2
, (2.43)

G0 = |S21|2, (2.44)

GL =
1− |ΓL|2

|1− S22ΓL|2
. (2.45)

The equations 2.43, 2.45 highlight that GS and GL are functions of the reflection coefficients
ΓS and ΓL, which depend on how well the input and output are matched [13]. The equations
for the reflection coefficients that relate the source and load impedances are:

ΓS =
B1 ±

√
B21 − 4|C1|2

2C1
, ΓL =

B2 ±
√
B22 − 4|C2|2

2C2
, (2.46)

B1 = 1 + |S11|2 − |S22|2 − |∆|2, B2 = 1 + |S22|2 − |S11|2 − |∆|2, (2.47)

C1 = S11 −∆S∗22, C2 = S22 −∆S∗11. (2.48)

These equations define the conditions under which the input and output impedances (ZS and
ZL) must be adjusted to achieve maximum power transfer [13].

The matching conditions are realized in practical designs using specific matching networks
that are tuned to the required operating frequency and bandwidth [12]. Impedance transforma-
tion and design of the matching network is often graphically realized by using the Smith Chart
[7]. Impedance matching allows amplifiers to operate with minimal reflections and maximum
power efficiency, and is a critical factor in achieving high power system performance.

2.6 L-Matching Networks

2.6.1 Series Reactive Element

It is possible to use reactive elements like inductors or capacitors as a technique to achieve
impedance matching. These elements are applied to convert the input or output impedance
of a circuit to the conjugate impedance of the input or output port, respectively. With this
technique, the power gain is enhanced and the signal reflections are reduced.

A series reactive element, XS , placed in series with a resistance, R, can change the
impedance seen at the input, transforming the impedance of a load or source, as shown in
figure 2.5. This approach is useful in creating equivalent circuits for impedance matching
purposes. The input admittance of this series connection is given by:

Yin(ω) =
1
Zin
=

1
R+ jXS

=
R

R2 +X2S
− j XS
R2 +X2S

. (2.49)

12
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Figure 2.5: Impedance matching using a series reactance XS : (a) series equivalent circuit, (b) parallel
equivalent circuit [14].

Figure 2.6: A resistor with (a) a shunt parallel reactive element where B is a susceptance, and (b) its
equivalent series circuit [14].

From this equation it can be seen that the real part of the input admittance Yin is the
conductance G and the imaginary part is the susceptance B. These elements form the equivalent
shunt network and are defined as follows:

G =
R

R2 +X2S
, (2.50)

B = − XS
R2 +X2S

. (2.51)

Thus, the series connection of R and XS is replaced by an equivalent shunt circuit represented
by a resistance of 1/G and a reactance of 1/B.

Using this method, the series resistance R is transformed into a new equivalent resistance,
RP , which is greater than R. The transformed resistance is given by:

RP =
R2 +X2S
R

. (2.52)

The resistance RP can be set to any value that is desired by selecting an appropriate value
of XS as shown above. Nonetheless, for further compensation of the residual reactance, it is
required to add a shunt reactive element.

2.6.2 Shunt Reactive Element

In particular, when either a capacitor or an inductor is connected in parallel with a resistive
load the equivalent impedance is changed. The input admittance of the shunt circuit, which
consists of a resistor R in parallel with a reactive component with susceptance jB, as shown
in figure 2.6, is given by:

Yin =
1
R
+ jB. (2.53)
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Figure 2.7: L-Matching Networks [14].

To convert the parallel shunt circuit into its series equivalent, we calculate:

Zin =
1

1
R + jB

=
R

1 +B2R2
− j BR

2

1 +B2R2
. (2.54)

From this, we observe that the equivalent series impedance is composed of a real part RS and
a reactive part XS , expressed as:

RS =
R

1 +B2R2
, (2.55)

XS = −
BR2

1 +B2R2
. (2.56)

Such a change suggests that the real part of the impedance, RS , is smaller than the initial
resistance R. This makes it possible to fine tune the circuit to the right impedance that is
required for matching.

2.6.3 Operating Principle

The L-Matching Network is a fundamental technique for matching two different resistance
levels, RS (source) and RL (load), using a combination of reactive elements (inductor L or
capacitor C) to achieve lossless matching and maximum power transfer.

The operating principle of the L-Matching Network involves two main steps:

1. Step 1: Use a series (shunt) reactive element to transform a smaller (larger) resistance up
(down) to a larger (smaller) value with a real part equal to the desired resistance value.

2. Step 2: Use a shunt (series) reactive element to resonate with (or cancel) the imaginary
part of the impedance that results from Step 1.
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Figure 2.8: The two element matching network topology for RS < RL. XS is the series reactance and
XP is the parallel reactance [14].

By using these steps, a resistance can be transformed to any desired value, and four
possible L-Matching Networks can be constructed based on whether RS is greater or less than
RL and whether the network is lowpass or highpass, as shown in figure 2.7.

• Lowpass RS < RL (Figure 2.7-a): A series inductor and shunt capacitor are used. The
quality factor Q is calculated as:

Q =

√
RL
RS
− 1 = |XL|

RS
=
RL
|XC |

(2.57)

• Lowpass RS > RL (Figure 2.7-b): A shunt capacitor and series inductor are used to
achieve matching. The quality factor is given by:

Q =

√
RS
RL
− 1 = |XL|

RL
=
RS
|XC |

(2.58)

• Highpass RS < RL (Figure 2.7-c): A series capacitor and shunt inductor are used. The
quality factor is given by:

Q =

√
RL
RS
− 1 = |XC |

RS
=
RL
|XL|

(2.59)

• Highpass RS > RL (Figure 2.7-d): A shunt inductor and series capacitor are utilized,
and the quality factor is:

Q =

√
RS
RL
− 1 = |XC |

RL
=
RS
|XL|

(2.60)

The matching network topology for RS < RL is shown in figure 2.8. The input impedance
Zin is given by:

Zin =
RL(jXP )
RL + jXP

=
RLX

2
P

R2L +X
2
P

+ j
XPR

2
L

R2L +X
2
P

. (2.61)

For impedance matching, the objective is the matching network to transform the source
impedance ZS to it’s conjugate. From figure 2.8, the source impedance is the series configuration
of resistance RS and reactance XS , so ZS = RS + jXS . Therefore, the matching network needs
to achieve the following:

Zin = Z∗S = RS − jXS . (2.62)
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From the equations 2.61, 2.62:

RS =
RLX

2
P

R2L +X
2
P

, (2.63)

XS = −
XPR

2
L

X2P +R
2
L

. (2.64)

From these, we can also write:

RS
RL
=

1(
RL
XP

)2
+ 1
, (2.65)

XS
RS
= −RL
XP
. (2.66)

The quantities QS and QP are defined as:

QS =
|XS |
RS
, (2.67)

QP =
RL
|XP |
. (2.68)

Finally, the design equations for RS < RL, from equations 2.65, 2.66, are given as:

|QS | = |QP | =
√
RL
RS
− 1. (2.69)

XP and XS will be either capacitive or inductive and they will have the opposite sign.
RS and RL are determine, as source and load impedance respectively, so the Q factor of the
network and thus the bandwidth is defined. Therefore, the designer does not have a choice of
circuit’s Q factor.

For RS > RL, the design equations are similarly defined and are

|QS | = |QP | =
√
RS
RL
− 1, (2.70)

QS = −QP , (2.71)

QS =
XS
RL
, QP =

RS
XP
. (2.72)

2.6.4 Impedance Matching with Reactive Source and Load

There are two primary approaches to handling complex sources and loads:

• Absorption Method : This method absorbs the reactances from the source and load into
the matching network. By transforming the reactive source and load to inductor or
capacitor in series or parallel with resistance, the reactive components of the source and
load can be included to the matching network.

• Resonance Method : Source and load reactances are cancelled through resonance, adding
reactive ellements (inductors or capacitors) in parallel or in series to them.

16



2.7. Monolithic Transformer

In both approaches, the main objective is to maximize the bandwidth of the matching
network by minimizing energy storage in reactive components. Generally, the total energy
stored is proportional to the sum of the reactances. Properly incorporating these reactances
into the matching network ensures optimal performance. However, when reactances are too
large, absorption alone may not be sufficient. In such cases, a combination of resonance and
absorption is used to achieve wide bandwidth and efficient matching.

2.7 Monolithic Transformer

2.7.1 Operating Principle

A passive transformer operates based on the principle of mutual inductance between two
or more windings, or conductors. It enables alternating current (AC) to be transferred from
one winding to the other while suffering minimal power loss. The impedance between the
windings is transformed, which provides the opportunity for the correct transmission of the
signal (impedance matching). This impedance transformation is described as a ratio between
terminal voltage and the change in current across the windings. Additionally, transformers
block direct current (DC) and allow different bias potentials at the primary and secondary
windings.

To emulate a lumped inductance in microwave circuits, designers often use an electrically
short transmission line. In this context, the guided wavelength, λg, is significantly smaller
than the physical length of the transmission line. The input impedance of such a line, when
short-circuited at one end, can be expressed as:

Zin ≈ r + jωl, (2.73)

r represents the series resistance and l denotes the series inductance of the transmission line.

Figure 2.9: Monolithic transformer: (a) Physical layout. (b) Schematic symbol, [15].

17



2.7. Monolithic Transformer

On-chip, a microstrip line is commonly used to implement a transmission line inductor,
often wound into a spiral to minimize the chip’s footprint [16]. Extending this concept,
microstrip spiral inductors can be intertwined to magnetically couple separate conductors,
effectively forming a monolithic transformer.

A planar monolithic transformer constructed from interwound metal conductors is shown in
Figure 2.9. Alternating current iP , which flows to the primary winding, produces an alternating
magnetic flux, which induces an alternating current iS to the secondary winding. The main
parameters of interest for a designer in a transformer are the turns ratio n (number of turns
of secondary winding devided by the number of turns of primary winding) and the magnetic
coupling coefficient k. The turns ratio, which defines the voltage and current relationship
between the primary and secondary windings, is:

n =
VS
VP
=
IP
IS
=

√
|ZS |
|ZP |

=

√
LS
LP
. (2.74)

The strength of the magnetic coupling between windings is defined by the coupling factor k:

k =
M√
LPLS

, (2.75)

M is the mutual inductance between the primary and secondary windings, and LP and LS
are the self-inductances of the primary and secondary windings, respectively.

If the magnetic coupling between the windings is perfect (no leakage of magnetic flux),
the coupling factor k is unity, while uncoupled coils have a k-factor of zero. There is poor
confinement of the magnetic flux in a monolithic transformer and M <

√
LP · LS . Thus, the

k-factor is always substantially less than one for a monolithic transformer, however, coupling
coefficients as high as 0.9 are realizable on-chip.

The self-inductance of a given winding is the inductance measured at the transformer
terminals with all other terminals open circuited. This enables the use of Z-parameters to
calculate the electrical parameters of a transformer.

LP,S =
Im{Z11,22}
ω

, (2.76)

QP,S =
Im{Z11,22}
Re{Z11,22}

=
ω · LP,S
rP,S

, (2.77)

M =
Im{Z12}
ω

, (2.78)

k =
M√
LP · LS

=
Im{Z12}√

Im{Z11} · Im{Z22}
, (2.79)

QP,S are the quality factors of primary and secondary windings respectively.

2.7.2 Figures of Merit

To be able to compare the different transformer designs and evaluate their performance,
several metrics have been used. In its simplest form, a transformer can be considered as two
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inductors coupled together. Therefore, fundamental performance parameters of transformers
are also similar to those of inductors which are primarily, the Q-factor (Q) and self-resonance
frequency (fSR).

Apart from these, there are other parameters which describe the performance of monolithic
transformers, including their coupling factor (k), mutual inductance (M), insertion loss and
power gain (G), area occupied, and transformer’s characteristic resistance (TCR). Each of these
factors is inter-related to one another, which creates multiple design trade-offs for monolithic
transformers.

Q-Factor of Primary and Secondary Coil

Primary and secondary coils of a transformer each have their own Q-factors, denoted as
QP and QS , respectively, and they collectively determine the overall performance of the on-chip
transformer. The quality factor of a passive device is of great importance, as it indicates all
the losses and the efficiency of the device. Therefore, one of the main targets when designing
monolithic transformers is to maximize the Q-factor for both of the coils. The Q-factor of a
transformer, can be given from equation 2.77.

Essentially, the Q-factor is the ratio of energy stored in a coil and energy dissipated in its
series resistance, and can be improved by decreasing the series resistance. At high frequencies,
additional phenomena like the skin effect and proximity effect need to be considered, which set
critical limitations on the maximum Q-factor of a transformer. On the other hand, substrate loss
is likely to be one of the major loss mechanisms in inductive devices, imposing a fundamental
upper boundary on the Q-factor. Fabricating the transformer on a higher resistivity substrate
or by shielding the conductors from the substrate has been shown to increase the Q-factor of
on-chip transformers.

Coupling Coefficient, k-factor

The coupling coefficient k is a direct measure of the magnitude of magnetic coupling
between the two coils of a transformer, making it an essential parameter for assessing transformer
performance. Greater overlap area and tighter packing of the transformer’s coils contribute
to a higher coupling coefficient. The formula for the coupling coefficient is given by equation
2.79. The mutual inductance between the coils is represented by M , and LP and LS denote
the self-inductances of the primary and secondary coils, respectively. The self-inductances are
largely influenced by the coil length, remaining relatively constant if the length is unchanged.

The coupling coefficient k effectively quantifies the mutual inductance between primary
and secondary coils. Stacked transformers, due to their compact geometry, exhibit higher
coupling coefficients. Conversely, planar interleaved transformers generally exhibit lower k
values due to less compact arrangements.

There is an inherent trade-off between the voltage transformation ratio n and k. For
applications necessitating substantial voltage or impedance transformation ratios, significant
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variations in the turn count of primary versus secondary coils reduce the overlap area, increasing
leakage flux and consequently lowering k-factor.

Self-Resonance Frequency (fSR)

Like inductors, transformers also resonate at specific frequencies known as the self-resonance
frequency of the transformer. One of the main design criteria for RF-CMOS monolithic
transformers is to make this resonance frequency sufficiently high to enhance the operating
bandwidth of the device. Transformers resonate at these frequencies due to the existence of
parasitic capacitances:

• Between the substrate and the coil, which is directly proportional to the area of the coil
facing the substrate.

• Between the two coils of the transformer.

These capacitances cause the transformer to resonate at a frequency beyond which capaci-
tive effects become dominant over inductive effects. For high-frequency wireless applications,
the self-resonance frequency (fSR) is typically in the order of GHz and can be expressed as:

fSR =
1

2π
√
LCP
, (2.80)

L represents the total inductance of the transformer, which includes both self-inductances and
mutual inductance, and CP is the total parasitic capacitance present in the transformer.

Power Gain (G)

In its ideal form, a transformer is a lossless device that outputs the exact amount of
power it receives at its input. However, in practical scenarios, there are inherent losses (i.e.,
insertion losses) that reduce the output power. The power gain G of a transformer, defined
as the ratio of output to input power, is a crucial metric for assessing the performance of
monolithic transformers. The analytical formula for power gain is:

G = 1 + 2
(
x−

√
x2 − x

)
, (2.81)

x =
Re(Z11)Re(Z22)− |Re(Z12)|2

| Im(Z12)|2 + |Re(Z12)|2
. (2.82)

This relation employs the Z-parameters of the device to compute the maximum power gain and
is particularly applicable when the monolithic transformer is modeled as a two-port network.

2.7.3 Transformer’s Characteristic Resistance (TCR)

Transformer’s Characteristic Resistance (TCR) is another parameter of comparison for
on-chip transformers. It is used to characterize on-chip transformers when they are used as
tuned loads. TCR incorporates both Q and k parameters of a transformer to evaluate its
behavior, as shown in the following equation

TCR = ωQEQLEQ. (2.83)
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QEQ and LEQ are the equivalent quality factor and inductance of a transformer given by:

QEQ = Q1
k2Q1Q2
1 + k2Q1Q2

, LEQ = L1

(
1 +
1
Q21
+ k2
Q2
Q1

)
. (2.84)

Q1, Q2 are the quality factors of the primary and secondary coil.

When used as a tuned load in a circuit, the capacitive reactance of a transformer can
balance out the inductive reactance, and the circuit can be loaded purely by the resistive
component. This resistive component is also called the input parallel resistance of a transformer
and can be a measure of the TCR, which is roughly double the value of the parallel input
resistance. TCR should be taken into account while designing the geometry and dimensions of
a transformer, since maximization of the TCR is also helpful to optimize the available output
power and gain.

Even though the TCR parameter is used by some researchers to characterize the device’s
performance, still it is less commonly used amongst all other parameters.

2.7.4 Physical Layout

To ensure compatibility with standard integrated circuit (IC) fabrication processes, the
design of on-chip transformers presents a unique set of challenges. Standard IC processes
typically favor planar, thin-film metallization techniques, which limit the transformer layout
to two-dimensional structures, unlike more versatile three-dimensional topologies. As a result,
planar transformer topologies are predominantly used in on-chip designs.

However, planar configurations introduce significant limitations:

1. Increased Chip Area: The physical constraints of planar layouts require larger substrate
areas, increasing the overall chip size.

2. Low Coupling Efficiency : The magnetic coupling between windings is often less efficient
in planar designs, leading to lower transformer performance and energy transfer.

In order to overcome these challenges, various layout configurations have been provided
based upon the need of the application. The two most common topologies are the interleaved
planar layout and stacked layout.

The interleaved planar layout is a design method commonly used in on-chip transformers
where two planar coils are constructed in an interleaved manner on a silicon chip. Instead of
having two coils separately placed, the interleaving method positions one coil in between the
other. This arrangement improves the magnetic coupling between the coils, resulting in better
transformer performance.

In figure 2.10, we can observe the physical layout of a 2-turn interleaved transformer in
(a), and a center-tapped configuration functioning as a balun (balanced to unbalanced), which
is shown in (b). Interleaved transformers typically use a 1:1 turn ratio, where the primary and
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Figure 2.10: Structure of the interleaved transformer: (a) Simple layout of a square spiral interleaved
two-turn transformer; (b) Center-tapped interleaved transformer functioning as a balun (balanced to
unbalanced, or differential to single ended) [17].

secondary coils have matching lengths. This design enhances coupling and minimizes magnetic
flux leakage between the coils.

However, in cases where transformers require different turn ratios (such as 1:N or N:1 ),
the coil lengths between the primary and secondary will differ. This makes magnetic coupling
to be poor because of high leakage flux; therefore, the transformers possess lower coupling
factor than transformers with equal turn ratios.

Despite the benefits of interleaving, a notable drawback is the larger chip area required,
which makes the layout less efficient in terms of silicon utilization. Nevertheless, interleaved
transformers remain a popular choice for certain RF circuits, such as LNAs (low-noise amplifiers),
where they function as center-tapped baluns to convert balanced signals (differential ended)
into unbalanced ones (single ended).

Several techniques have been developed to enhance the performance of interleaved trans-
formers. One such method is the use of a porous silicon layer between the transformer and the
substrate, which acts as a shield to reduce parasitic coupling between the metal layers and
the substrate. This shielding method improves the self-resonance frequency and gain of the
transformer.

Another effective technique is the multipath technique, which involves reducing the width
of the inner paths in a step-wise manner. This approach helps to decrease the effects of skin
and proximity losses, allowing for a more constant length-to-width ratio and ensuring even
current distribution throughout the transformer loops. These improvements have been shown
to increase both the coupling factor and overall gain of the transformer.

In conclusion, the interleaved planar layout has the following characteristics:

1. Simple to Fabricate: Since the interconnects are in the same metallization plane, the
proposed interleaved structure is simpler to implement.

2. Larger Area: However, simplicity has its drawback; it takes a much larger area on the
chip, and therefore is less area-efficient.
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Figure 2.11: Different types of stacked layout configuration [17].

3. Lower Magnetic Coupling : The interleaved layout in most cases leads to suboptimal
coupling between the windings and hence restricts transformer performance.

Interleaved layouts were confronted with some issues such as lower coupling factors large
chip area, hence the stacked layout configuration was developed to overcome these challenges.
In the stacked layer configuration, two or more metal layers are positioned in a way that is
one on top of the other (stacked) resulting in a 3D structure that greatly improves magnetic
coupling. This configuration keeps the total flux of the magnetic field within the structure,
and thereby increases coupling of the coils.

The coupling involved with stacked layout is better, and this takes up a smaller area
than the interleaved structures. When the layers of metal are packed closely, the magnetic
interaction between the layers is enhanced by providing a high value of coupling coefficient.
However, there are also some problematic aspects which are characteristic of the stacked layout.
The major issue is the issue of high parasitic capacitances because of metal layers which are
placed in close vicinity to each other and this negatively impact the self-resonant frequency of
the transformer, thus its performance at high frequencies.

Despite these challenges, the stacked layout is becoming more popular in RF IC applications,
particularly because it offers a better balance between coupling efficiency and area usage. Some
examples of stacked layout configuration are shown in figure 2.11. Figure 2.11-(a), shows the
typical stacked layout configuration [18], and Figures 2.11-(b), (c), (d) show improved stacked
configurations like transformers with half-coil [19], inter-coil connection [20] and quad-coil [21],
respectively.

Stacked layout arranges the windings across different metal layers, effectively reducing the
substrate area. Stacked layout configuration offers:

• Improved Magnetic Coupling : In order to achieve an even better performance the layout
is stacked so that the windings are put closer and closer across several metal layers.

• Smaller Area: This stacking of layers minimizes space needed for the transformer on the
chip.
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• Fabrication Complexity : Despite the improvements in coupling and area, the stacked
layout introduces more fabrication complexity, increasing parasitic capacitances between
the layers and potentially degrading performance.

General guidelines for the design of the layout of a transformer (or balun) are the following:

• Thicker metal reduces the ohmic losses in the primary and secondary windings.
• Insulating oxide layer reduces parasitic coupling to the semiconducting substrate, thereby
improving the operating bandwidth and reducing in-band losses caused by shunt parasitic
elements.

• Losses due to the substrate are further reduced through the use of a relatively high
resistivity substrate.

• Minimum conductor spacing and metal width improve magnetic coupling (k-factor)
between primary and secondary windings at the cost of interwinding capacitance.

• There is a large improvement in k-factor as the number of turns is increased from one to
two, because of coupling between adjacent lines. The number of metal lines running in
parallel increases with the number of turns, and because the magnetic coupling decreases
quickly with the separation between parallel conductors, the k-factor quickly tends to a
limiting value for a given metal width.

• k-factor decreases as the turns ratio is increased.
• The total inductances on the primary and secondary windings scale approximately
according to equation 2.74.

• The self-inductance and associated parasitics are determined by the length of the winding
and increase with increasing winding length.

• For relatively low terminal impedances (on the order of the conductor ohmic losses), the
series parasitics (self inductance and resistance of windings) dominate the response and
so wider conductors lines with relatively large parasitic capacitances may be used. When
terminal impedances on the order of hundreds of ohms are used, shunt parasitics play a
more important role in the overall response and therefore narrower conductor widths
should be used.

From this analysis, the transformer layout design is seen to play a critical role in enhancing
the performance of the on-chip transformers.

2.7.5 Modeling and Characterization

To understand the transformer characteristics deeply, a circuit model is proposed, as
shown in figure 2.12. The transformer core consists of two individual inductors (LP and LS)
and the associated mutual inductance (M). The parasitic line effect is depicted with the
series resistance (RP and RS). Notably, the parallel capacitor (C21) between the primary and
the secondary is used to describe the coupling effect of the transformer at high operating
frequencies. Moreover, the substrate effect is depicted by the parallel connection of the resistor
and the capacitor between the port terminal and the ground.
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Figure 2.12: Equivalent circuit of on-chip transformer [22].

2.8 Balun

The 1 : n transformers described in the previous section 2.7 consist of two independent
windings (or conducting filaments) and are classified as bifilar transformers. Multifilament
transformers can also be constructed on-chip. These devices are used to implement power
dividers/combiners and baluns.

A balun is a device which couples a balanced circuit (differential ended) to an unbalanced
one (single ended). There are many structures used to implement baluns at RF and microwave
frequencies, although a differential amplifier is the most commonly used method for unbalanced-
to-balanced signal conversion on-chip. Microwave balun structures require physical dimensions
on the order of the signal wavelength, and so these devices consume too much chip area when
operating below approximately 15GHz [15].

Fig 2.13 shows the schematic of the proposed 5-port extended balun model. In this model,
the primary inductor has series inductance Lp, series resistance Rp, and self-capacitance Cp,
while the secondary inductor has Ls, Rs, and Cs. The primary and secondary inductors have
a mutual inductance M , and the mutual capacitance between the primary and secondary
inductor is denoted by Cm.

For convenience, it is assumed that the inductors are equally split into two, and the polarity
signs are on the top side for all inductors unless otherwise specified. Parasitic capacitances
other than Cp, Cs, and Cm won’t be considered.

The proposed model has an added impedance Zc at the center tap. In balun design, a
proper center tap loading is usually desired for optimal performance.
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Figure 2.13: Extended Balun Model [23].

In this model, mutual resistance is not included since it is typically negligible. Additionally,
the center tap at the primary is only considered, and generalization to a center tap at the
secondary is trivial.

2.9 Differential-Ended Amplifier Design

Differential-ended design offers several advantages compared to single-ended design, which
make it a preferred choice in most applications [24].

2.9.1 Greater Output Swing

Differential circuits provide a higher output swing, approximately double the amplitude,
compared to single-ended signal chains. This is attributed to the symmetric nature of the
differential design, where the two terminals exhibit voltage swings with a 180◦ phase difference.
This design enables:

• Achieving higher overall signal swings.
• Delivering the same overall signal swing with a lower supply voltage.
• Reducing power dissipation.

2.9.2 Linearity

Differential circuits inherently reject even-order harmonics because of their odd-signed
nature of the input/output transfer characteristic. The differential circuit in essence is two
single-ended circuits with 180◦ phase difference between the inputs as well as the outputs.
What this means is that between the input/output characteristics of the two single-ended
circuits occurs y(−x) = −y(x). For this to be valid, all the even-order harmonic terms must
be zero in equation 3.6. This property compels only odd harmonics to be in place, and thus
evidences a profound enhancement in linearity. The output signal y(t) of a differential circuit,
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driven by a differential input, can be expressed as:

y(t) = α1x(t) + α3x3(t) + α5x5(t) + . . .

where all the terms of even order α2·j = 0 for every value of j. As a result:
• All even-order harmonics are eliminated.
• The same voltage rails applied to the design exemplify an increase ≈ 3 dB in OP1dB and
OIP3.

2.9.3 Noise Immunity

Differential designs offer superior noise rejection compared to single-ended configurations.
Some of the key benefits include:

• Signal return paths no longer rely on the ground, reducing ground-loop noise.
• Excellent common-mode rejection ratio (CMRR), which reduces sensitivity to external
noise sources.

• Improved power supply rejection ratio (PSRR), which minimizes disturbances from
supply variations.

• Enhanced immunity to coupled electromagnetic interference (EMI).

2.9.4 Design Considerations

Although differential circuits may need approximately twice the area of single-end counter-
parts that may be seen as a disadvantage, all the pro’s easily outweigh them: higher linearity,
better rejection of noises, and the capability to swing higher levels of signals. The differential-
ended design yields important enhancements in the measures of output swing, linearity, and
noise. These characteristics make it more desirable for today’s demanding RF and mixed signal
designs.
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Chapter 3

Fundamentals of Power Amplifiers

3.1 Operating Principles

In modern telecommunication systems, the RF PA plays a pivotal role, serving as the final
active component in the transmitter chain before the signal is radiated through the antenna. Its
primary function is to amplify the power of the RF signal to the required level for transmission,
ensuring that the signal reaches the receiver with sufficient strength. However, this amplification
process is not without challenges. The RF PA must balance the often conflicting requirements
of efficiency and linearity, both of which are critical for effective and reliable communication.

Efficiency refers to the PA’s ability to convert the DC power it consumes into RF power,
with higher efficiency meaning less energy is wasted as heat. This is particularly important in
modern systems where power consumption and thermal management are key concerns.

Linearity, on the other hand, ensures that the amplified signal remains a faithful repro-
duction of the input, free from distortion that could cause interference and spectral regrowth.
The inherent trade-off between these two parameters makes PA design one of the most complex
tasks in RF engineering.

RF PAs are classified into various types, such as Class A, B, AB, C, and others, based
on their operation and efficiency characteristics. Each class represents a different approach to
managing the efficiency-linearity trade-off:

• Class A: This class offers the best linearity, making it ideal for applications where signal
fidelity is paramount. However, Class A amplifiers operate with a bias current that is
constant throughout the entire signal cycle, resulting in low efficiency. This makes Class
A amplifiers less suitable for applications where power consumption is a critical factor.

• Class B: Class B amplifiers improve efficiency compared to Class A by operating each
transistor for only half of the signal cycle (180 degrees of the waveform). However, the
drawback is that the transition between the active devices can introduce distortion,
affecting linearity.

• Class AB: Class AB amplifiers aim to strike a balance between the linearity of Class A
and the efficiency of Class B. By biasing the transistors slightly above threshold voltage
Vt, they reduce distortion while maintaining higher efficiency than Class A amplifiers.
This makes Class AB amplifiers a popular choice for many RF applications.

• Class C: Class C amplifiers offer even higher efficiency by operating for less than 180
degrees of the signal cycle. However, this comes at the cost of significant nonlinearity,
making Class C amplifiers suitable only for applications where linearity is not a primary
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concern, such as in certain types of RF transmitters where harmonic distortion can be
managed.

• Other Classes (D, E, F, etc.): These classes use various techniques such as switching
operation and harmonic tuning to achieve even higher efficiencies, often at the cost of
increased circuit complexity and reduced linearity. These amplifiers are typically used in
specialized applications where efficiency is critical, and signal distortion can be managed
or corrected.

3.2 The Role of Power Amplifiers in the Transceiver Chain

The transceiver chain in a communication system consists of both a transmitter and a
receiver, each playing a critical role in the transmission and reception of signals. The following
is a brief description of each block within the transceiver chain, providing a complete picture
of how signals are processed from generation to reception, as illustrated in figure 3.1.

Figure 3.1: Block diagram of the transceiver analog signal chain [25].

Transmitter Chain:

• Digital-to-Analog Converter (DAC):
The DAC converts the digital baseband signal, which is the processed data in digital
form, into an analog signal that can be further processed by the analog components of
the transmitter.

• Filter:
After the DAC, the signal passes through a filter to remove any high-frequency components
that may have been introduced during the digital-to-analog conversion. This ensures
that the signal is within the desired bandwidth and reduces potential interference.

• Upconversion Mixer:
The filtered analog signal is then fed into an upconversion mixer. The mixer combines the
baseband signal with a high-frequency signal generated by the RF synthesizer, converting
the baseband signal to the desired RF frequency suitable for transmission.

• Power Amplifier (PA):
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The RF signal from the mixer is usually too weak to be transmitted effectively over long
distances. The Power Amplifier (PA) plays a crucial role here by boosting the power of
the RF signal to a level sufficient for transmission through the antenna. The PA is a
vital component of the transmitter chain, ensuring that the signal reaches the receiver
with adequate strength while maintaining efficiency and linearity.

• RF Filter:
After amplification, the signal passes through an RF filter, which removes any unwanted
harmonics or spurious signals generated during amplification. This filter ensures that only
the desired RF signal is transmitted, reducing interference with other communication
channels.

• Antenna:
Finally, the amplified and filtered RF signal is transmitted through the antenna, which
radiates the signal into the air for reception by the intended receiver.

Receiver Chain:

• RF Band Select Filter:
On the receiver side, the incoming RF signal from the antenna first passes through an RF
band select filter. This filter selects the desired frequency band, filtering out unwanted
signals and noise from other frequency bands.

• Low-Noise Amplifier (LNA):
The filtered signal is then amplified by a Low-Noise Amplifier (LNA), which boosts
the signal strength while minimizing the addition of noise. The LNA is essential for
improving the sensitivity of the receiver.

• Downconversion Mixer:
The amplified RF signal is then fed into a downconversion mixer, where it is combined
with a signal from an RF synthesizer. This process shifts the RF signal back down to
the baseband or IF, making it easier to process.

• Baseband Amplifier:
After downconversion, the signal is further amplified by a baseband amplifier to ensure
that it is strong enough for further processing in the digital domain.

• Baseband and Anti-Aliasing Filter:
The signal then passes through a baseband and anti-aliasing filter, which removes any
high-frequency components that could cause distortion or aliasing during analog-to-digital
conversion.

• Analog-to-Digital Converter (ADC):
Finally, the Analog-to-Digital Converter (ADC) converts the filtered analog signal back
into a digital form, enabling further digital processing and interpretation by the receiver’s
digital baseband unit.

In the transmitter chain, the Power Amplifier (PA) is a critical component that amplifies
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the RF signal to a power level that is sufficient for effective transmission over the air. The
PA ensures that the signal reaches the receiver with enough power to be accurately received
and decoded, overcoming losses that occur during transmission. However, the PA must also
maintain a balance between efficiency and linearity to avoid introducing distortion that could
degrade the signal quality or cause interference with other communication channels. Thus, the
PA plays a dual role in both strengthening the signal and preserving its integrity, making it
indispensable in the overall transceiver chain.

3.3 Key Performance Metrics

3.3.1 Power Gain

Power gain is a critical parameter in RF design and is defined as the ratio of the output
power of an amplifier to the input power of the amplifier. This parameter is typically expressed
in decibels (dB), which provides a logarithmic measure of the gain. The power gain, G, can be
calculated using the following equation:

G =
Pout
Pin
, (3.1)

Pout is the output power and Pin is the input power.

To express the power gain in decibels (dB), the following equation is used:

GdB = 10 log
(
Pout
Pin

)
. (3.2)

The power gain provides a direct measure of how much an amplifier increases the power of a
signal, and it is a fundamental parameter in determining the efficiency and performance of RF
amplifiers.

3.3.2 Efficiency

Efficiency is a crucial metric in power amplifier design, representing how effectively the
power from the supply is converted into useful output power. Two common measures of
efficiency are drain efficiency (η) and Power-Added-Efficiency (PAE).

Drain efficiency, sometimes referred to as DC-to-RF efficiency, is defined as the ratio of the
RF output power (Pout) to the total DC power drawn from the supply (Pdc). Mathematically,
it is expressed as:

η =
Pout
Pdc
. (3.3)

DC power is calculated as

Pdc = VCC · Idc, (3.4)

VCC is the supply voltage, and Idc is the DC harmonic of the current waveform.
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Power-Added Efficiency (PAE) is a similar concept to drain efficiency but takes into
account the gain of the amplifier. It is defined as:

PAE =
Pout − Pin
Pdc

= η
(
1− 1
G

)
. (3.5)

For high-gain amplifiers, PAE is nearly the same as drain efficiency, but as the gain decreases
(especially in the compression region), PAE also decreases.

Figures 3.2 and 3.3 illustrate the relationship between drain efficiency, PAE, and power
gain.

Figure 3.2: Normalized power-added efficiency versus gain. [26]

Figure 3.2 shows the normalized PAE as a function of gain. As gain increases, PAE
approaches the drain efficiency (η). This is because, at higher gains, the input power Pin
becomes negligible compared to the output power Pout, making PAE nearly equal to η.

Figure 3.3: Output versus input power. [26]

Figure 3.3 illustrates the output power, efficiency, and PAE versus input power. The graph
shows that while efficiency (η) continues to increase with input power, PAE peaks and then
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decreases as the amplifier enters the compression region. The peak PAE typically occurs just
a few dB beyond the 1-dB compression point, indicating the optimal operating point of the
amplifier.

These figures underscore the importance of prioritizing PAE in amplifier design, especially
when seeking optimal performance in power-constrained environments. Unlike drain efficiency
(η), which only considers the output power delivered to the load, PAE accounts for both
the input power and the output power. This makes PAE a more comprehensive measure of
efficiency, as it reflects the amplifier’s overall effectiveness, including the power provided by
the previous stage or source. By incorporating the input power into the efficiency calculation,
PAE offers a more accurate assessment of the amplifier’s performance in real-world scenarios.

3.3.3 Harmonic Distortion and 1-dB Compression Point

When a sinusoid is applied to a nonlinear system, the output generally exhibits frequency
components that are integer multiples (harmonics) of the input frequency. This behavior can be
described mathematically by considering a memoryless nonlinear system with an input/output
characteristic approximated by [27]:

y(t) ≈ α1x(t) + α2x2(t) + α3x3(t). (3.6)

If the input signal is a simple cosine wave x(t) = A cos(ωt), the output can be expressed as:

y(t) = α1A cos(ωt) + α2A2 cos2(ωt) + α3A3 cos3(ωt). (3.7)

Using the following trigonometric identities:

cos2(ωt) =
1 + cos(2ωt)

2
(3.8)

cos3(ωt) =
3 cos(ωt) + cos(3ωt)

4
, (3.9)

the output equation expands to:

y(t) = α1A cos(ωt) +
α2A

2

2
[1 + cos(2ωt)] +

α3A
3

4
[3 cos(ωt) + cos(3ωt)] . (3.10)

Simplifying further:

y(t) =
[
α1A+

3
4
α3A

3
]
cos(ωt) +

α2A
2

2
cos(2ωt) +

α3A
3

4
cos(3ωt) +

α2A
2

2
. (3.11)

From this expansion, we observe that the output contains components at the fundamental
frequency ω, the second harmonic 2ω, and the third harmonic 3ω. The coefficients of these
terms indicate the amplitude of each harmonic.

In many RF circuits, harmonic distortion is a significant concern as it can cause interference
and degrade system performance. However, in some cases, like narrowband systems, harmonic
distortion might be suppressed or irrelevant.
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Figure 3.4: Expansive (left) and compressive (right) characteristics [27].

Figure 3.5: Definition of 1-dB Compression Point [27]

The small-signal gain of circuits is usually obtained with the assumption that harmonics
are negligible. However, as the input amplitude A increases, the gain experienced by A cos(ωt)
is given by:

G(A) = α1 +
3
4
α3A

2. (3.12)

As A becomes larger, the gain decreases because of the 34α3A
2 term, indicating the onset of

compression. To have compression, the product α1α3 must be negative. This condition results
in a compressive characteristic, where the gain decreases as the input amplitude increases.

Figure 3.4 illustrates the two possible behaviors of a nonlinear system depending on the
sign of the product α1α3:

• Expansive Characteristic (α1α3 > 0): In this scenario, the gain increases as the input
amplitude increases, leading to an expansive behavior. This behavior is less common in
practical RF circuits.

• Compressive Characteristic (α1α3 < 0): Here, the gain decreases with increasing
input amplitude, which is the typical scenario in RF amplifiers. This characteristic is
crucial for understanding gain compression, where the amplifier begins to deviate from
its linear response as the input power increases.

As the input signal level Ain increases, the output level Aout initially follows the ideal
linear gain (i.e., it increases proportionally with the input). However, due to the nonlinearity of
the amplifier, the output begins to compress at higher input levels, deviating from the expected
linear relationship.

Figure 3.5 illustrates this concept by showing the ideal linear response and the actual
response of the amplifier. The point where the actual output deviates from the ideal by 1 dB is
known as the 1-dB compression point, denoted as Ain,1dB. At this point, the gain has dropped
by 1 dB from its small-signal value, marking the onset of significant nonlinearity.
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To find the input signal level corresponding to the 1-dB compression point, we start by
considering the small-signal gain of the amplifier, which is typically expressed as:

G = 20 log |α1|. (3.13)

As the input amplitude A increases, the output signal becomes compressed due to the third-order
nonlinearity term α3A3. The gain at this level can be approximated by:

Gcompressed = 20 log
(∣∣∣∣α1 + 34α3A2in,1dB

∣∣∣∣) . (3.14)

At the 1-dB compression point, the gain is reduced by 1 dB, so:

20 log |α1| − 1 = 20 log
(∣∣∣∣α1 + 34α3A2in,1dB

∣∣∣∣) . (3.15)

We can rearrange this equation to isolate Ain,1dB:∣∣∣∣α1 + 34α3A2in,1dB
∣∣∣∣ = |α1| · 10−1/20. (3.16)

Given that 10−1/20 ≈ 0.891, the equation becomes:∣∣∣∣α1 + 34α3A2in,1dB
∣∣∣∣ = 0.891 |α1| . (3.17)

Expanding and solving for Ain,1dB, we get:

Ain,1dB =

√
0.145

∣∣∣∣α1α3
∣∣∣∣. (3.18)

Equation 3.18 allows us to calculate the input signal level at the 1-dB compression point,
marking the threshold beyond which the amplifier’s gain starts to compress significantly,
leading to nonlinear behavior.

3.3.4 Intermodulation and Third-Order Intercept Point

In RF design, understanding the effects of nonlinearity is critical, particularly when
multiple signals or interferers are present. Previously, we discussed the nonlinearity effects for
a single signal, leading to harmonic distortion. However, a more complex and common scenario
in RF systems is when two interferers accompany the desired signal, leading to intermodulation
(IM) products.

When two signals with frequencies ω1 and ω2 are applied to a nonlinear system, the output
typically exhibits new frequency components that are not harmonics of either input signal.
These components, called intermodulation products, arise from the ”mixing” or multiplication
of the two input signals as their sum is raised to a power greater than unity.
Assume the input signal is:

x(t) = A1 cos(ω1t) +A2 cos(ω2t) (3.19)
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The output can be expressed as:

y(t) = α1(A1 cosω1t+A2 cosω2t)+α2(A1 cosω1t+A2 cosω2t)2+α3(A1 cosω1t+A2 cosω2t)3

(3.20)
Expanding the right-hand side and discarding the dc terms, harmonics, and components

at ω1 ± ω2, we obtain the following intermodulation products:

ω = 2ω1 ± ω2 :
3α3A21A2
4

cos(2ω1 + ω2)t+
3α3A21A2
4

cos(2ω1 − ω2)t (3.21)

ω = 2ω2 ± ω1 :
3α3A1A22
4

cos(2ω2 + ω1)t+
3α3A1A22
4

cos(2ω2 − ω1)t (3.22)

The fundamental components at ω1 and ω2 are given by:

ω = ω1, ω2 :
(
α1A1 +

3
4
α3A

3
1 +
3
2
α3A1A

2
2

)
cosω1t (3.23)

(
α1A2 +

3
4
α3A

3
2 +
3
2
α3A2A

2
1

)
cosω2t (3.24)

Figure 3.6 illustrates the generation of various intermodulation components in a two-tone
test. Among these, the third-order IM products at 2ω1 − ω2 and 2ω2 − ω1 are particularly
important because they can appear close to the original signal frequencies if ω1 and ω2 are
near each other. This proximity can cause significant interference with the desired signal, as
shown in Figure 3.7.

Figure 3.6: Generation of various intermodulation components in a two-tone test [27].

Figure 3.7: Corruption due to third-order intermodulation [27].

The two-tone test is versatile and powerful because it can be applied to systems with
arbitrarily narrow bandwidths. A sufficiently small difference between the two tone frequencies
ensures that the IM products also fall within the band, providing a meaningful view of the
nonlinear behavior of the system. Figure 3.8 contrasts the two-tone and harmonic distortion
tests, demonstrating the advantage of the two-tone test in narrowband systems.
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Figure 3.8: Two-tone and harmonic tests in a narrowband system [27].

Third-Order Intercept Point (IP3)

The concept of the Third-Order Intercept Point (IP3) is a key metric for assessing the
linearity of RF systems. As the amplitude of each tone rises, the output IM products increase
more sharply (∝ A3), as show from equations 3.21, 3.22. Eventually, the amplitude of the IM
products becomes equal to that of the fundamental tones at the output. This intersection
point, when plotted on a log-log scale, is called the ”Third-Order Intercept Point” (IP3), as
depicted in Figure 3.9. The input level at which this occurs is known as the Input Third-Order
Intercept Point (IIP3), while the corresponding output is represented by OIP3.

Figure 3.9: Definition of IP3 [27].

To determine the IIP3, we equate the fundamental and IM amplitudes:

|α1AIIP3| =
∣∣∣∣34α3A3IIP3

∣∣∣∣ (3.25)

Solving for AIIP3, we obtain:
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AIIP3 =

√
4
3

∣∣∣∣α1α3
∣∣∣∣ (3.26)

=

√
4
0.435

≃ 9.6 dB (3.27)

Equation 3.27 proves helpful as a sanity check in simulations. Note that this relationship
holds for a third-order system and not necessarily if higher-order terms manifest themselves.
However, it is essential to note that IP3 is not a directly measurable quantity. Instead, it is
an extrapolated value based on large-signal measurements, as the true intercept may exceed
the supply voltage. The IP3 concept is invaluable in understanding the linearity limits of RF
systems and predicting how a circuit will perform under varying input power levels.

3.3.5 Saturated Output Power

Saturated output power, denoted as Psat, refers to the maximum output power that a
power amplifier can deliver once it enters the saturation region. This occurs when the amplifier’s
Pout versus Pin curve begins to flatten, indicating that any further increases in input power
Pin do not result in significant increases in output power Pout. At this point, the gain of the
amplifier effectively drops to zero. Figure 3.10 illustrates this phenomenon, showing how the
output power plateaus beyond a certain input level, marking the saturation threshold.

Figure 3.10: Illustration of saturated output power Psat [27].

Saturated output power is a critical metric in power amplifier design, particularly in
ensuring compliance with the power levels mandated by various communication standards and
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Figure 3.11: Conjugate match and loadline match [28]

protocols. These protocols specify the required power levels for different applications, ensuring
effective communication and signal integrity.

Typically, power amplifiers are operated below their saturation point to maintain linear-
ity, reduce distortion, and minimize potential issues related to heat dissipation and energy
consumption. By staying within the linear operating region, the amplifier ensures consistent
performance across a range of input signals, avoiding the nonlinearities that occur in the
saturation region.

3.4 Power Match

In RF power amplifier (PA) design, achieving an optimal power match between the
amplifier and the load is crucial for maximizing output power and ensuring efficient operation.
Power matching involves tuning the load impedance to align with the optimal load that allows
the amplifier to deliver maximum power (load pull analysis). This concept is particularly
important in power amplifiers where linearity and efficiency are of paramount concern.

Why Power Match is Needed

Power matching is essential because it enables the amplifier to operate at its maximum
output power without the constraints imposed by conjugate matching. As discussed by [28],
conjugate matching is often idealized for maximizing power transfer in simple circuits but may
not be practical in real-world RF amplifier designs, particularly when dealing with transistors
(non-linear circuits).

In practical PA designs, it’s important to consider the limitations imposed by the tran-
sistor’s voltage and current handling capabilities. For example, as illustrated in Figure 3.11,
applying the conjugate match theorem to a transistor could result in excessive voltage across
the generator terminals, potentially exceeding the transistor’s voltage rating. This situation is
mitigated by using a loadline or power match, which adjusts the load impedance to ensure the
transistor operates within its safe voltage and current limits and especially in its maximum
voltage and current swing, in order to deliver the maximum output power to the load.

In the context of a power amplifier, power matching becomes especially important when
operating in the nonlinear region, where gain compression and other nonlinear effects are
significant. As shown in Figure 3.12, a power match can yield significantly higher 1 dB
compression power compared to conjugate matching, making it a preferred choice for amplifiers
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Figure 3.12: Compression characteristics for conjugate (S22) match (solid curve) and power match
(dashed curve). The 1 dB compression points (B, B’) and maximum linear power points (A, A’) show
improvements under power-matched conditions [28]

Figure 3.13: Block diagram of amplifier and matching circuits [26]

operating under high drive levels. The power match condition allows the amplifier to maintain
higher output power, evidenced by the improvements in the 1 dB compression points (B, B’)
and maximum linear power points (A, A’).

Furthermore, power matching accounts for practical realities such as gain compression and
harmonic generation. While conjugate matching may be effective for small-signal operation, it
does not account for the nonlinearities that arise in high-power amplifiers. Power matching,
on the other hand, optimizes the load impedance, ensuring the amplifier delivers the highest
possible power while minimizing distortion and other unwanted effects.

To obtain maximum output power, particularly in large-signal conditions, the amplifier
is typically not conjugately matched. Instead, the load is designed to provide the correct
voltage and current necessary to deliver the required power, as depicted in the block diagram
of amplifier and matching circuits in Figure 3.13. This approach, known as load-pull, involves
adjusting the load impedance until the optimal load Γopt is found, ensuring the amplifier
delivers maximum power to the load.

3.5 Load-Pull Measurements

In RF power amplifier (PA) design, one of the crucial steps in the characterization process
is understanding the relationship between output power and output matching conditions. This
understanding is often facilitated through a method known as load-pull measurements. These
measurements are used to optimize the performance of an RF amplifier by systematically
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varying the load impedance presented to the amplifier’s output and observing how this affects
the output power.

Figure 3.14 illustrates a typical set of load-pull data plotted on a Smith chart. The contours
in this figure represent constant output power levels, often measured in decibels (dB) relative
to a reference value (the maximum achievable output power). The central point, labeled Popt,
represents the optimal load impedance where the output power is maximized. Surrounding
Popt, we find contours labeled as -1 dB and -2 dB, indicating load impedances that produce 1
dB and 2 dB less output power, respectively, compared to the optimum.

Figure 3.14: Typical load-pull data plotted on a Smith chart [28]. The point Popt indicates the optimal
load impedance.

Load-pull measurements provide a powerful tool for RF designers, as they allow for the
identification of the optimal load impedance that maximizes output power. By understanding
the shape and position of these contours, designers can better tailor the matching networks
used in RF circuits to ensure that the PA operates at its highest possible performance.

These measurements are particularly important for high-frequency designs where small
changes in impedance can lead to significant variations in performance. The ability to visualize
and quantify the effects of impedance mismatches on a Smith chart helps engineers make
informed decisions when designing matching networks and adjusting the load presented to the
PA.

3.6 Classes of Power Amplifiers

Figure 3.15 illustrates the bias circuit of PA. A “big fat” inductance, BFL, or RF choke,
feeds DC power to the drain, and is assumed large enough so that the current through it is
substantially constant. The drain is connected to a tank circuit through “big fat” capacitor
BFC to prevent any DC dissipation in the load. The tank circuit is used for resonance between
the drain and RL.
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Figure 3.15: Bias circuit of PA [29].

The higher class categories (D, E, F, F1, S, and T) utilize the amplifier as a switch,
allowing for very high efficiency to be achieved. However, in communications, the majority of
transmitters operating predominantly at high frequencies rely on Class A, AB, or B amplifiers
due to the need for low distortion products. Therefore, this section briefly examines Class A,
AB, B, and C amplifiers, which differ from each other based on the shapes of their voltage and
current waveforms and their conduction angles [9].

3.6.1 Class A

Class A power amplifiers are known for their high linearity and simplicity in design. These
amplifiers operate by biasing the transistor so that it is always conducting. This is achieved by
setting the gate voltage (Vg) higher than the threshold voltage (Vth), ensuring the transistor
remains in the active region (Vg > Vth) throughout the entire input signal cycle, as shown
in Figure 3.16. This continuous operation makes Class A amplifiers the most linear, as they
faithfully reproduce the input signal with minimal distortion. However, this comes at the cost
of efficiency.

The efficiency of a Class A amplifier is inherently low due to the continuous current flow
through the transistor for the entire input signal cycle. Let us assume that the quiescent drain
current, IDC , is made just large enough to guarantee that the transistor does not ever cut off.
That is,

IDC = irf , (3.28)

so that the DC power consumption is

PDC = IDC · VDD = irf · VDD. (3.29)

The efficiency (η) is given by:

η =
Prf
PDC

=
i2rfR/2

irfVDD
=
irfR

2VDD
, (3.30)

irf is the amplitude of the drain current, R is the load resistance, and VDD is the supply
voltage.
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Now, the absolute maximum that the product irf · R can have is VDD. Therefore, the
maximum theoretical drain efficiency is just 50%.

In Class A configuration, the transistor’s drain current can be approximated by:

iD = IDC + irf · sin(ωt), (3.31)

IDC is the bias current and irf is the fundamental harmonic component of drain current.

This drain current produces a corresponding drain voltage, which, due to the action of
the inductor BFL and the capacitor BFC, consists of a DC component and an AC component
as shown in figure 3.16.

Figure 3.16: Gate voltage, drain voltage and drain current waveforms for an ideal Class A amplifier.
The waveforms show that the gate voltage is always higher than the threshold voltage and the drain
current and voltage are 180 degrees out of phase with each other [26].

In figure 3.16, it is clear that the drain voltage and current are out of phase by 180◦.
Despite the excellent linearity, the continuous current flow for the entire signal cycle, leads to
significant power dissipation in the form of heat, thus lowering the overall efficiency.

In summary, while Class A amplifiers are the most linear and simplest to design, their low
efficiency makes them less desirable for applications where power consumption is a critical
factor. Nonetheless, their use is widespread in scenarios where signal fidelity is of outmost
importance.

3.6.2 Class B

Class B PAs are designed to improve efficiency over Class A amplifiers by reducing the
conduction angle of the transistor. In a Class B amplifier, the gate voltage (VB) of the transistor
is biased at the threshold voltage (Vth), such that it conducts only during one half of the input
signal cycle. This setup results in a conduction duty cycle of 50%, meaning that the transistor
is turned off during the other half of the cycle. As a consequence, Class B amplifiers operate
more efficiently but introduce distortion due to the nonlinear operation.

Figure 3.17 illustrates the waveforms of the gate voltage (VB), drain voltage (VC), and
drain current (IC) in a Class B amplifier. The gate voltage VB is set at the threshold voltage
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Vth, which means the transistor conducts only during the positive half of the input waveform.
As shown, the drain current IC is zero during the negative half-cycle, indicating that the
transistor is in the cut-off region during this period. The output tank in Figure 3.15 filters out
the harmonics of this current, leaving a sinusoidal drain voltage as in the Class A amplifier.

To compute the output voltage, we first find the fundamental component of the drain
current and then multiply this current by the load resistance. For this amplifier, we assume
that the drain current is sinusoidal for one half-cycle and zero for the other half-cycle.

iD =

irf · sin (ω0t), 0 < t <
T
2

0, T
2 ¬ t ¬ T

, (3.32)

ifund =
2
T

∫ T/2
0
iD · sin(ω0t) dt =

irf
2
, (3.33)

Vout =
irf
2
·R. (3.34)

Since the maximum possible value of Vout is VDD, it is clear that the maximum value of irf is:

irf, max =
2VDD
R
. (3.35)

The peak drain current and maximum output voltage for a Class B amplifier are therefore the
same as those for a Class A amplifier. However, in a Class B amplifier, only the positive half
of the input waveform is amplified, which leads to the higher efficiency that is characteristic of
this amplifier class.

The output power is given by:

Po =
v2o
2R
, (3.36)

where vo is the amplitude of the signal across the load resistor. The maximum value of vo
remains VDD, so the maximum output power is:

Po,max =
V 2DD
2R
. (3.37)

Computing the DC input power requires the average drain current:

iD =
1
T

∫ T/2
0

2VDD
R
sin(ω0t) dt =

2VDD
πR
, (3.38)

PDC =
2V 2DD
πR
. (3.39)

Finally, the maximum drain efficiency for a Class B amplifier is:

η =
Po,max
PDC

=
π

4
≈ 0.785. (3.40)

Figure 3.17 clearly demonstrates that while Class B amplifiers offer a significant improvement
in efficiency compared to Class A amplifiers, they do so at the cost of linearity. The transistor
only conducts during the positive half-cycle of the input, leading to harmonic distortion in the

44



3.6. Classes of Power Amplifiers

Figure 3.17: Waveforms for a Class B amplifier showing the gate voltage (VB), drain voltage (VC), and
drain current (IC). The transistor conducts only during the positive half-cycle of the input signal when
VB > Vth [26].

output. Nevertheless, Class B amplifiers are widely used in applications where efficiency is
more critical than signal linearity, particularly in RF power amplification.

The Class B amplifier, while more efficient than Class A, still leaves room for improvement
efficiency. This pursuit of better performance leads us naturally to the consideration of Class
C amplifiers, which further reduce the conduction angle in search of even higher efficiency,
though at the cost of even greater distortion.

3.6.3 Class C

A Class C amplifier is characterized by a gate bias that causes the transistor to conduct
for less than half of the input signal cycle. This is achieved by setting the gate voltage below
the threshold voltage Vth. As a result, the drain current consists of a periodic train of narrow
pulses, while the drain voltage remains sinusoidal due to the action of the high-Q tank circuit
in the output.

Figure 3.18 illustrates the typical waveforms for a Class C amplifier, showing the relation-
ship between the gate voltage, drain voltage, and drain current. The gate voltage waveform
indicates that the transistor is only active when Vg > Vth, which occurs for less than half the
cycle. Consequently, the drain current ID is a series of pulses, while the drain voltage VDS
remains sinusoidal due to the filtering effect of the output tank circuit.

In this configuration, the efficiency of the amplifier can be significantly higher than in
Class A or Class B amplifiers because the transistor is on for a shorter period, reducing the
power dissipation during the non-conducting portions of the cycle. However, this also leads
to increased distortion, making the design of the output tank circuit critical for maintaining
linearity.

To analyze the efficiency of a Class C amplifier, we start by expressing the drain current
as:

iD = IDC + irf · cos(ω0t), iD > 0, (3.41)

IDC is the DC component of the drain current, and irf is the amplitude of drain current.
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Figure 3.18: Gate Voltage, Drain voltage and Current for an ideal Class C amplifier. The gate voltage
is biased below the threshold voltage Vth, causing the transistor to conduct only for a small portion of
the cycle (dashed verticals), resulting in the characteristic pulsed drain current [26].

The transistor conducts only for a portion of the input cycle, determined by the conduction
angle 2Φ, where 2Φ is the angle during which the current iD is positive. Setting the current,
from equation 3.41, equal to zero and solving for the total conduction angle 2Φ yields

2Φ = 2 · cos−1
(
−IDC
irf

)
. (3.42)

From equation 3.42, the bias current IDC can be expressed as:

IDC = −irf cosΦ. (3.43)

The average drain current iD over one cycle is calculated by integrating the drain current over
the conduction angle:

iD =
1
2π

∫ Φ
−Φ
(IDC + irf cosφ) dφ. (3.44)

Substituting the equation 3.43, we get:

IDC =
irf
π
[sinΦ− ΦcosΦ] . (3.45)

In a high-Q tank circuit, the load is tuned to the fundamental frequency, and the harmonic
components are filtered out. Thus, the fundamental component of the drain current, ifund, is
given by the fundamental term in the Fourier series:

ifund =
2
T

∫ T
0
iD cos(ω0t) dt

=
1
2π
(4IDC sinΦ + 2irfΦ+ irf sin(2Φ)) . (3.46)

Substituting for IDC the equation 3.45, we obtain

ifund =
irf
2π
[2Φ− sin(2Φ)] . (3.47)
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The output voltage swing Vout across the load resistance R is related to the fundamental
component of the current as follows:

Vout = ifund ·R. (3.48)

Substituting the equation 3.47, we get:

Vout =
irfR

2π
[2Φ− sin(2Φ)] . (3.49)

The output power Pout delivered to the load is given by:

Pout =
V 2out
2R
. (3.50)

Substituting the equation 3.49, we get:

Pout =
i2rfR

8π2
[2Φ− sin(2Φ)]2 . (3.51)

The DC input power PDC is given by:

PDC = IDCVDD. (3.52)

Substituting IDC from Equation 3.45 and assuming that VDD = Vout, we have:

PDC = i2rf ·
R

2π2
· [sinΦ− ΦcosΦ] · [2Φ− sin(2Φ)] . (3.53)

The efficiency η is defined as the ratio of the output power to the DC input power:

η =
Pout
PDC
. (3.54)

Substituting the equations 3.51, 3.53, we get:

η =
2Φ− sin(2Φ)

4 [sinΦ− Φ · cosΦ]
. (3.55)

As the conduction angle shrinks toward zero, the efficiency approaches 100%. While this sounds
promising, the gain and output power unfortunately also tend toward zero at the same time,
since the fundamental component in the ever-narrowing slivers of drain current shrinks as well.
All of these tradeoffs force the attainment of less than 100% efficiency in practice, since we
generally want a reasonable amount of output power as well as high efficiency. Mainly, the
efficiency can be large, but at the cost of reduced power-handling capability, gain, and linearity
[29].

3.6.4 Class AB

Class AB amplifiers are designed to combine the benefits of Class A and Class B amplifiers
by conducting more than 50% but less than 100% of the time, depending on the chosen
bias levels. This operating condition allows the Class AB amplifier to achieve a compromise
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between the efficiency of Class B amplifiers and the linearity of Class A amplifiers. The result
is an amplifier that is more efficient than a Class A amplifier but more linear than a Class B
amplifier, making it the most popular choice.

The key characteristic of a Class AB amplifier is its conduction angle, which is greater
than 180° but less than 360°, meaning that it conducts for more than half but not the full
duration of each signal cycle. This allows the amplifier to provide better efficiency compared
to Class A while maintaining a reasonable level of linearity.

The equations used to analyze Class AB amplifiers are the same as those used for Class C
amplifiers. So, the efficiency for Class A, B, AB and C amplifiers is given by 3.55.

Overall, the Class AB amplifier is a practical solution that balances the trade-offs between
efficiency and linearity, making it the most commonly used topology in power amplification.

3.6.5 Summary

The conduction angle and efficiency are summarized for the above classes in table 3.1.

Class Conduction Angle (°) Efficiency (max theoretical) (%)
A 360 50

AB 360–180 50–78.5

B 180 78.5

C 180–0 78.5–100

Table 3.1: Summary of Power Amplifier Classes

Figure 3.19: Loadline curves for different classes of amplifiers (A, B, AB, C) [26].
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The loadline curves depicted in figure 3.19 show the operating characteristics of a transistor
for different amplifier classes (Class A, B, AB, and C). Each curve represents the relationship
between the drain current (ID) and the drain-source voltage (VDS) over one cycle of the input
signal.

• Class A: The loadline curve for Class A shows that the transistor conducts for the entire
input cycle (360° conduction angle). The current remains continuous, leading to high
linearity but low efficiency.

• Class B: The Class B curve indicates that the transistor conducts for half of the input
cycle (180° conduction angle), improving efficiency but introducing some distortion.

• Class AB: The Class AB curve demonstrates conduction for more than half but less than
the full cycle (between 180° and 360° conduction angle). This class balances the linearity
and efficiency characteristics of Classes A and B.

• Class C: The Class C curve shows that the transistor conducts for less than half of the
input cycle (less than 180° conduction angle). This class offers high efficiency but at the
expense of linearity.

The figure also includes the corresponding voltage and current waveforms, highlighting
how the conduction angle affects the transistor’s performance in each class. Additionally, the
circuit diagram shows the basic configuration of the transistor with its associated components
in a typical amplifier circuit.
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Chapter 4

Description of design Technologies

4.1 CMOS FDSOI

FDSOI stands for Fully-Depleted-Silicon on Insulator. It is a planar process technology
developed as an alternative solution to address some of the limitations of bulk CMOS technol-
ogy, particularly at smaller silicon nodes and reduced geometries. FDSOI enables improved
performance, reduced power consumption, and greater control over the transistor characteristics.

The FDSOI process incorporates two key features:

• Buried Oxide Layer: An ultra-thin buried oxide (BOX) layer is placed on top of the
silicon substrate. This buried-oxide layer electrically isolates the transistor from the bulk
silicon, reducing parasitic capacitances and leakage current to substrate.

• Thin Silicon Channel: A very thin silicon layer is deposited above the BOX layer to form
the transistor channel. This thin channel eliminates the need for doping, resulting in a
fully depleted channel under the gate.

The FDSOI process is illustrated in figure 4.1. On the left, a wafer is shown, consisting
of the ultra-thin buried oxide layer and the ultra-thin top silicon layer. On the right, a
cross-sectional view of the FDSOI transistor is presented. The figure highlights:

• The ultra-thin buried oxide (BOX) layer.
• The thin silicon layer forming the fully depleted channel.
• The raised source and drain regions.
• The gate, which controls the channel current.

FDSOI technology offers several distinct benefits over bulk CMOS:

• Improved Gate Control: The thin top-silicon layer and buried oxide layer ensure better
electrostatic control, reducing short-channel effects.

Figure 4.1: FDSOI transistor [30].
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• Reduced Leakage Current: The BOX layer blocks leakage currents from the channel to
the substrate, which is a significant issue in bulk CMOS.

• Enhanced Performance: The FDSOI channel allows faster switching with a steeper
subthreshold slope, reducing threshold voltage (Vth) and enabling higher performance at
lower supply voltages.

• Body Biasing: The FDSOI architecture allows forward and reverse body biasing. Forward
body biasing reduces Vth to improve performance, while reverse biasing increases Vth to
reduce leakage current.

• Lower Parasitic Capacitances: The buried oxide layer isolates the channel from the
substrate, reducing parasitic capacitances and enabling faster operation.

• Simplified Manufacturing: The FDSOI planar process is simpler than 3D technologies like
FinFET, as it reuses steps from mature bulk CMOS manufacturing processes, leading to
reduced costs and design complexities.

In conventional bulk CMOS, short-channel effects such as drain-induced barrier lowering
(DIBL) and threshold voltage variability are exacerbated as the gate length shrinks. These
effects degrade transistor performance and increase leakage power. In FDSOI, the thin BOX
layer and fully depleted channel effectively suppress short-channel effects, resulting in superior
threshold voltage control and reduced leakage current.

The buried gate structure of FDSOI transistors allows body biasing, which enhances
transistor flexibility. Forward body biasing boosts performance by reducing the threshold
voltage, while reverse body biasing minimizes leakage currents. Different voltage levels can be
independently applied to the top and bottom gates of the transistor, providing a wide range of
performance and power consumption options.

FDSOI technology supports design reuse due to its planar structure. Designers can adapt
existing bulk CMOS intellectual property (IP) blocks for FDSOI with minimal modifications.
This scalability, combined with lower manufacturing complexity, makes FDSOI an attractive
alternative to FinFET technology for achieving high performance and low power consumption
in advanced technology nodes. Also, the FDSOI technology eliminates dopant fluctuations due
to the fully depleted channel, so the FDSOI technology is independent of process variations.

For analog designs, meeting the noise, power, leakage and variability requirements is
becoming very challenging due to degradation in transistor characteristics as technology
shrinks. As FDSOI transistors have improved device matching, gain and parasitics, it can
greatly simplify the analog design. The back bias capability in FDSOI also has a lot of potential
in designing analog circuits. FDSOI has very high ft, fmax and high mmWave self gain which
is important for RF blocks. These key characteristics help in superior RF and analog designs.

4.2 GaN HEMT

Gallium Nitride (GaN) has emerged as a transformative technology in RF and power
applications due to its superior material properties compared to traditional silicon. Table 4.1

51



4.2. GaN HEMT

summarizes the key advantages of GaN, and its benefits are detailed below.

The bandgap of a material defines the energy required for electrons to move freely from
the valence band to the conduction band. GaN has a bandgap that is three times wider than
silicon, enabling it to operate effectively at much higher temperatures, up to 800◦C.

GaN exhibits high electron mobility, approximately 2000 cm2/V · s, which allows electrons
to move quickly under a low electric field. This property reduces on-resistance and switching
losses, enabling operation at switching frequencies up to ten times higher than silicon. As a
result, GaN is ideal for high-speed power applications.

The high breakdown electric field of GaN, approximately 3.3MV/cm, is over ten times
higher than that of silicon. This characteristic enables GaN devices to sustain higher voltages
without failure, making them ideal for high-power applications such as power amplification
and switching power supplies.

While GaN itself has moderate thermal conductivity, combining it with Silicon Carbide
(SiC) substrates improves its thermal performance significantly. GaN-on-SiC devices can
dissipate heat efficiently, allowing operation at higher power levels without requiring excessive
cooling solutions. This flexibility makes GaN suitable for various applications, including 5G
millimeter-wave technology, automotive power systems, and IoT devices.

GaN’s material properties enable compact transistor designs without compromising perfor-
mance. GaN transistors can achieve high power densities while maintaining efficiency, making
them suitable for miniaturized, high-performance electronic systems.

Property Si SiC GaN

Bandgap (Eg) [eV] 1.12 3.26 3.425

Breakdown Field (Ec) [MV/cm] 0.3 3 3.3

Electron Mobility (µn) [cm2/V · s] 1500 1000 2000

Thermal Conductivity [W ·K/cm] 1.5 4.9 1.3

Max Operating Temp (Tmax) [◦C] 150 760 800

Table 4.1: Material Properties Comparison: Si, SiC, and GaN

Gallium Nitride High Electron Mobility Transistors (GaN HEMTs) are designed similarly
to conventional transistors, consisting of three key components: the source, drain, and gate.
However, GaN HEMTs utilize advanced material growth techniques like Metal-Organic Chem-
ical Vapor Deposition (MOCVD) to form multiple layers on either silicon or silicon carbide
(SiC) substrates.

As illustrated in figure 4.2, the active region of the GaN HEMT, where current flows, is
located at the interface between the AlGaN and GaN layers. This layered structure includes:

• Gate and Field Plate: Controls the current flow.
• Passivation Layer: Provides surface stability and reliability.
• AlGaN Layer: Introduces a piezoelectric effect due to lattice strain.
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Figure 4.2: Typical structure of RF AlGaN/GaN HEMT.

• GaN Layer: Acts as the primary channel for current flow.
• Buffer and Substrate: Supports the device and isolates it electrically.

GaN devices benefit from their unique crystal structure. At the interface between the
AlGaN and GaN layers, bonding asymmetries in the wurtzite crystal structure generate built-in
electric fields. These fields cause an electric field difference (ΦB) at the AlGaN/GaN junction,
leading to the formation of a triangular quantum well.

In this quantum well, electrons form a highly dense layer called the two-dimensional
electron gas (2DEG). This layer:

• Offers extremely high electron mobility (> 1500 cm2/V · s).
• Enables efficient current flow without additional doping processes.
• Contributes to high switching speeds and low power losses.

Figure 4.3: Formation of 2DEG (two-dimensional electron gas) in GaN HEMTs.

Figure 4.3 demonstrates the energy band alignment where electrons are confined below
the Fermi level (EF ) in a quantum well at the AlGaN/GaN interface. This results in superior
power performance for GaN HEMTs [31].
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Chapter 5

Stacked FET Circuit Analysis

Figure 5.1 illustrates the schematic of a stacked-FET power amplifier (PA). The circuit
structure is based on the series connection of a common-source (CS) transistor followed by
multiple common-gate-like transistors. Unlike cascode amplifiers, where the gate of the common-
gate transistor is grounded at the operating frequency, in the stacked-FET configuration, the
gate of the common-gate-like transistor is connected to a finite impedance and experiences a
voltage swing. This setup ensures that the drain voltages of the transistors add in phase, while
the drain current remains constant through all the transistors in the stack.

The gate voltage swing of the transistors in the stack is regulated by introducing appropriate
capacitances Ck at the gates of the stacked transistors. The combination of Ck and the gate-
source capacitance Cgs,k forms a voltage divider network, determining the gate voltage levels
at each stage. Compared to cascode designs, this method minimizes the drain-gate and drain-
source voltage swings under large-signal conditions, enabling the transistors to operate reliably
even at high aggregate voltage levels.

Despite its advantages, the stacked-FET PA exhibits a lower gain compared to the cascode
amplifier. However, the tradeoff is acceptable given the higher output power and improved drain
efficiency of the stacked-FET design. This makes the stacked-FET configuration particularly
suitable for applications requiring high output power levels, even when a large number of
transistors are connected in series. The slight reduction in gain is offset by the significant
improvements in power efficiency and overall performance.

From figure 5.1, the impedance Zd,k−1 seen at the drain of transistor (k−1) assuming linear

Figure 5.1: Schematic Design of 3-Stacked PA [5].
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Figure 5.2: Ck/Cgs,k for various Cgd,k/Cgs,k for gm,k ·Ropt = 3 [5].

operation and neglecting the FET small-signal output resistance and drain-source capacitance
is:

Zd,k−1 =
Cgs,k + Ck + Cgd,k(1 + gm,kZd,k)
(gm,k + sCgs,k)(Cgd,k + Ck)

. (5.1)

where Cgd,k is the gate-drain device capacitance and gm,k is the transconductance of the
k-th transistor in the stacked-FET PA.

From equation 5.1, Zd,k is real when the operating frequency f0 is much smaller than the
cutoff frequency ft of the transistor. To provide the optimum load line impedance to each of
the transistors and ensure that the drain-source voltages are equally distributed among the
stacked devices, the impedance Zd,k should be adjusted to k ·Ropt, where Ropt is the loadline
impedance of a single device.

In III-V technologies, the gate-drain capacitances are typically much smaller compared
to the gate-source capacitances and can often be neglected. However, in scaled CMOS FETs,
the gate-drain capacitance cannot be ignored, especially at millimeter-wave frequencies. Since
sCgs,k is significantly smaller than gm,k, even at these high frequencies, the expression for
Zd,k−1 can be simplified as:

Zd,k−1 ≈
Cgs,k + Ck + Cgd,k(1 + gm,kZd,k)

g2m,k(Cgd,k + Ck)
gm,k

− Cgs,k + Ck + Cgd,k(1 + gm,kZd,k)
g2m,k(Cgd,k + Ck)

sCgs,k, k = 2, 3, . . . ,K.

Assuming that Zd,k is primarily real and is set equal to k ·Ropt, the gate capacitance Ck
is derived by matching the real part of Zd,k−1 to (k − 1) ·Ropt. The resulting gate capacitance
Ck is given by:

Ck =
Cgs,k + Cgd,k(1 + gm,kRopt)
(k − 1)gm,kRopt − 1

, k = 2, 3, . . . ,K. (5.2)
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Figure 5.2 illustrates the variation of Ck, normalized to Cgs,k, for different ratios of
Cgd,k/Cgs,k with a fixed gain of 3. The graph emphasizes the significance of including Cgd,k in
the calculation of Ck.

Furthermore, it is noted that the gate capacitance Ck becomes very small for higher
values of k, making its precise determination highly sensitive to modeling inaccuracies. This
introduces one of the critical challenges in stacking multiple transistors within the design
process.

One of the critical aspects of stacked FET power amplifier (PA) design is the proper adjust-
ment of the DC gate voltages. This ensures efficient and reliable operation while maintaining
the DC and RF voltages Vgs, Vgd, and Vds below their respective breakdown limits.

In Class AB operation, as the RF input power Pin increases, the DC bias current rises
accordingly. The DC gate voltages are typically fixed independent of Pin. To avoid issues, the
gate voltages should be carefully adjusted to meet the current levels required for maximum
Pin. Improper adjustment may result in insufficient voltage swing for the top stacked FETs,
leading to early breakdown and compression of the bottom Common-Source (CS) FET.

The DC gate voltage for the k-th stacked transistor in a K-stacked PA can be expressed
as:

VG,k =
(
k − 1
K
VDD + VGS,k−sat

)
, k = 2, 3, . . . ,K (5.3)

where VGS,k−sat represents the gate-source voltage of the k-th transistor at the saturation
power level.

It is essential to ensure that the gate-drain voltage swing remains below the breakdown
threshold. The optimal choices of capacitance Ck, gate voltage VG,k, and load resistance Ropt
help avoid breakdown. Under ideal conditions, the gate-drain voltage Vgd,k for the k-th stacked
device is given by:

Vgd,k =
1 + gm,kRopt
gm,kRopt

Vopt, k = 1, 2, . . . ,K (5.4)

where gm,k is the transconductance of the k-th transistor, and Vopt is the optimal load
voltage swing.

From equation 5.4, it can be inferred that the peak gate-drain voltage magnitude is equal
to:

Vopt + Vgs,

where Vgs is the gate-source voltage needed to drive the RF current. However, if the transistor
size is not properly designed, the sum of these voltages may exceed the gate-drain breakdown
voltage, posing reliability concerns.

To address this, additional constraints must be considered on the transistor size, ensuring
the device operates within safe voltage limits.
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Figure 5.3: Simplified small signal model of stacked transistors [5].

For PAs utilizing CS amplifiers in scaled CMOS processes, there are three primary factors
that constrain the achievable saturated output power. These factors include the transistor
breakdown voltage, the maximum gate width that ensures sufficient gain, and the availability
of a realizable matching network that aligns with the desired loadline impedance.

Furthermore, for a CS amplifier implemented in a scaled CMOS process, the matching
network often becomes the dominant limiting factor. By stacking K FETs while maintaining a
constant drain current, the output power can theoretically increase proportionally by a factor
of K. Additionally, the required load impedance increases linearly with K, presenting benefits
for stacked configurations compared to other configurations.

At low frequencies, Zd,k can be approximated as a resistive load. However, at millimeter-
wave frequencies, the intermediate node impedances exhibit significant reactance due to the
transistor capacitances. This behavior reduces efficiency for two primary reasons:

1. As illustrated in figure 5.1, a portion of the transistor RF current flows through the gate-
source capacitance Cgs,2 and other parasitic capacitances at the drain of M1, preventing
it from reaching the load.

2. The voltage waveforms at the intermediate and top drains are not perfectly phase-aligned,
which limits the maximum voltage swing achievable at the topmost drain.

The simplified small-signal model of stacked transistors, as illustrated in figure 5.3, is
utilized to determine the optimal impedances at the drain terminals of the FETs. The optimal
admittance Yopt,k for the k-th stacked transistor can be approximated as:

Yopt,k ≈
1
kRopt

− s
k
(Cds,k + kCsub,k + Cgd,k)

=
1
kRopt

− s
k
(Ceqv,k) , k = 1, 2, . . . ,K. (5.5)
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Here, Ceqv,k represents the equivalent capacitance seen at the drain node of the k-th
transistor. This optimum load admittance ensures that all drain-source voltages and drain
currents are aligned, leading to highest output power and best efficiency.

For low frequencies, the gate capacitance Ck is carefully selected to ensure that each
stacked transistor presents an optimal load resistance. However, the susceptance seen by the
k-th transistor should ideally be inductive to counteract the capacitances at the drain. In reality,
the (k + 1)-th transistor presents a capacitive load to the k-th transistor, which complicates
the load matching process.

The admittance looking into the source of the (k + 1)-th transistor is given as:

Ys,k+1 =
1
kRopt

− sCds,k+1
k

+
sCgs,k+1
kgm,k+1Ropt

. (5.6)

Using the above expression, the phase angle of the impedance presented by the (k + 1)-th
transistor to the k-th transistor can be determined as:

Φs,k+1 = arctan

(
ω

(
Cgs,k+1
gm,k+1

− Cds,k+1Ropt

))
. (5.7)

To ensure proper matching, the optimal load at the drain of the k-th transistor must
exhibit a phase angle given by:

Φopt,k = arctan (−ω (Ceqv,kRopt)) , (5.8)

where Ceqv,k is defined in equation 5.5.

To account for the capacitive effects and ensure phase alignment, additional matching
components are required to phase-rotate Ys,k+1 by:

Φk = −Φopt,k +Φs,k+1. (5.9)

This phase tuning is critical to achieve the highest voltage swing at the topmost drain
node and maximize the performance of the stacked FET power amplifier.

The relationship between phase errors Φk and the power-combining efficiency of stacking
is derived. The total output power of a K-stacked PA can be approximated by:

ηstacking ≈
(
K∏
k=1

cos(Φk)

)2
(5.10)

Pout, K-stack ≈ ηstackingPout, ideal K-stack (5.11)

where K represents the total number of stacked transistors, and Pout, ideal K-stack is the
ideal output power of the K-stacked PA when all currents and voltages are perfectly aligned.
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Figure 5.4: 2-Stacked PA schematic with different intermediate node tuning technigues: a) Shunt
inductive tuning, b) Shunt-feedback Cds tuning, c) Series inductive tuning [5].

However, phase misalignment between the stacked transistors can cause a significant
degradation in efficiency. Even small degrees of phase errors lead to observable efficiency loss.
This phase alignment effect poses a key challenge to the successful implementation of many
stacked FETs. This becomes significant in mm-Wave frequencies, while this phase misalignment
does not exist or it is negligible at sub-10GHz region.

At millimeter-wave frequencies, significant efficiency and power reduction can occur without
any reactive tuning. To address this, recent literature proposes three different circuit approaches
to implement the proper complex impedance at the intermediate node.

• Figure 5.4 a) presents a shunt L tuning technique.
• Figure 5.4 b) demonstrates a shunt-feedback drain–source capacitor tuning method.
• Figure 5.4 c) highlights the use of series inductance between the transistors.

The inductances in these methods serve to tune out the parasitic capacitances at the
intermediate nodes, acting as either a series LC or parallel LC circuit. Notably, the shunt-
feedback Cds approach achieves a similar effect since the capacitance across the transistor
effectively behaves like a negative capacitance, as shown in equation 5.6.
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Chapter 6

Design of Stacked FET PA in CMOS
FDSOI and GaN HEMT technology

6.1 CMOS FDSOI

Current Density is defined as J =
Ibias
W
, where Ibias is the bias current of the transistor

and W is its total gate width. Constant current density design procedure reduces the impact
of statistical process variation, temperature and bias current variation on circuit performance.
It is proven that characteristic current densities also remain invariant for the most common
circuit topologies across different technology nodes and gate lengths [32].

To fully characterize the slvtnfet rf device, which is a NMOS device with super low
threshold voltage Vth, from Globaldoundries 22nm Fully-Depleted Silicon-on-Insulator (FD-
SOI) process technology, the following metrics need to be evaluated in function of current
density J :

1. Gmax - maximum transducer power gain (conjugate matching at input and output)

2. fmax - frequency at which maximum power gain becomes unity (Gmax = 0dB)

3. NFmin - minimum noise figure (noise match at the input port)

4. Kf , µ, µ′, B1f - stability factors

From sections 2.3.3, 2.3.4, unconditional stability is secured when

Kf , µ, µ
′ > 1 andB1f > 0. (6.1)

The schematic design used to characterize the slvtnfet rf device is shown in figure 6.1. An
ideal current source (instance I1) provides the bias current Ibias which flows directly to the
ideal current controlled current source (CCCS, instance F0). The gate of slvtnfet rf device and
capacitor C1 block the DC current. CCCS F0 copies the bias current to the reference ideal
voltage source, V2, which is connected at the source terminal of slvtnfet rf device. Therefore,
the circuit configuration shown in Figure 6.1, biases the slvtnfet rf device with a specified
current Ibias. Instances F0, V2 form an ideal current mirror. The bulk and source terminals of
slvtnfet rf device are biased to ground. The drain terminal is biased to the overdrive voltage
of the device which is 0.9V.

The capacitors C0, C1 are used for AC coupling and inductors L0, L1 (RF chokes) block
the AC (or RF) signals and bias the transistor terminals with the appropriate voltages. The
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6.1. CMOS FDSOI

Figure 6.1: Schematic Design for Characterization of slvtnfet rf device

slvtnfet rf device has a number of fingers nf = 8, a finger width of wf = 300um and multipliers
mul = 64.

The stability factors, maximum power gain Gmax, minimum noise figure NFmin, and
transition frequency fmax are plotted as functions of current density J in figures 6.2-6.8.
Specifically, the width of the slvtnfet rf device remains constant while Ibias is swept. For each
bias current, the stability factors, Gmax and NFmin are measured using SP analysis at 5 GHz

and then plotted against the corresponding current density J =
Ibias
W
, where W = mul ·nf ·wf .

To calculate the transition frequency fmax, the Gmax is plotted as a function of frequency for
each bias current, and the frequency at which Gmax = 0dB corresponds to fmax for each bias
current. Then, fmax can be plotted as a function of current density J .

From figures 6.5-6.8 and equation 6.1, stability is guaranteed when J > 60 mAmm .

From figures 6.2-6.4, fmax reaches its maximum at 325 mAmm , Gmax is inversely proportional
to the current density J , and NFmin reaches its minimum at 142 mAmm . These results are
consistent with relevant scientific references [32].

For the design of a power amplifier, noise figure is not a significant metric. Also, even at
low current densities, fmax > 200GHz ≫ 5GHz, so the slvtnfet rf device can operate as an
amplifier at the operating frequency of the power amplifier. Therefore, the main objective is to
bias the slvtnfet rf device to achieve maximum power gain and ensure stability. Based on the
previous analysis, the optimal design choice is 70 mAmm < J < 100

mA
mm . In this current density

range, maximum power gain Gmax is achieved, and stability is ensured.

The next goal is to specify the multiplier and bias current of the common source (CS)
device, slvtnfet rf. Each multiplier will be tested separately, and for J = 70 mAmm and J = 100

mA
mm ,

the bias current will be calculated using the following equation:

Ibias (mA) = J ·mul · nf · wf (6.2)
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6.1. CMOS FDSOI

Figure 6.2: fmax (GHz) vs J (A/m)

Figure 6.3: Gmax (dB) vs J (A/m)

Figure 6.4: NFmin (dB) vs J (A/m)
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6.1. CMOS FDSOI

Figure 6.5: Kf (−) vs J (A/m)

Figure 6.6: µ (−) vs J (A/m)

Figure 6.7: µ ′ (−) vs J (A/m)
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6.1. CMOS FDSOI

Figure 6.8: B1f (−) vs J (A/m)
Multiplier J (mA/um) Ibias (mA) Zopt (Ω) OP1dB (dBm) Gain (dB) Zin (Ω)

2048
0.0712 350 2.88+0.22j 19.98 8.00 0.348-0.052j
0.102 500 2.88 + 0.22j 20.12 8.55 0.308-0.044j

1024
0.069 170 5.80 + 0.22j 17.23 6.92 0.673-0.810j
0.102 250 2.88 + 0.22j 18.92 6.50 0.512-0.035j

512
0.069 85 9.07 + 0.21j 14.33 7.19 1.320-0.170j
0.098 120 5.80 + 0.22j 15.77 6.42 1.040-0.081j

256
0.07 43 16.89+0.19j 11.38 6.98 2.580-0.319j
0.099 61 12.733+0.204j 12.77 6.74 2.100-0.188j

128
0.0716 22 35.35+8.65j 8.39 7.39 5.350-0.389j
0.098 30 27.10+0.15j 9.60 6.89 4.280-0.419j

64
0.0716 11 66.85+16.16j 5.42 7.22 10.540-0.724j
0.098 15 55.8+6.835j 6.53 7.10 8.740-0.632j

32
0.0716 5.5 148 2.37 7.29 20.810-2.850j
0.1 7.7 115.55 3.52 7.12 17.200-1.800j

Table 6.1

For each multiplier and bias current, a load pull simulation will be conducted to calculate
the optimum load impedance (Zopt) and OP1dB. To perform a load pull simulation, harmonic
balance analysis is used. The load pull simulation identifies the optimum load impedance,
displayed on a Smith Chart, that allows the slvtnfet rf device to achieve maximum current and
voltage swing, thereby producing maximum power. Additionally, the achieved power gain will
be recorded from the harmonic balance simulation. The input impedance Zin of the device is
calculated from SP analysis at 5 GHz by plotting the Zm,1 metric. The input impedance will
be used later to match the CS device with the input port of 50 Ohms at 5 GHz. The results
are summarized in table 6.1.

From Table 6.1, it is observed that as the number of devices (multiplier) and bias current
(Ibias) are doubled, Re{Zin} and Re{Zopt} decrease by a factor of 2. When the multiplier
is doubled, the number of devices connected in parallel also doubles, resulting in the input
resistance, Re{Zin}, and output resistance, Re{Zopt}, of the devices decreasing by a factor
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6.1. CMOS FDSOI

Figure 6.9: Load Pull Simulation of CS FET - Bias Point selected from table 6.1

of 2. Additionally, if Zin is converted from series reactance to parallel, we observe that as
the number of devices increases, the gate capacitance of the common-source (CS) FET also
increases. This outcome is logical because the parasitic capacitances of the CS FET increase
with the number of devices.

Similarly, the parasitic capacitance at the drain terminal increases with the multiplier of
the device. For the CS FET to produce maximum power to the load, the voltage and current
swings at the drain terminal must be in phase, meaning the impedance seen from the drain of
the CS FET needs to be resistive. To cancel out the parasitic capacitances at the drain, an
inductive load is required, and the parallel inductance increases as the multiplier increases [33].
This observation is validated by the data in Table 6.1.

As the number of devices (multiplier) and bias current (Ibias) are doubled, OP1dB increases
by 3 dBm, except when the multiplier reaches 2048. This 3 dBm increase in OP1dB signifies
that the power delivered to the load has doubled, which is expected due to the doubling of both
the devices and bias current. The design goal is to maximize the power delivered to the load
while minimizing power consumption. This objective leads to the design choice highlighted
in Table 6.1, as for multipliers greater than 2048, the power delivered to the load no longer
increases and plateaus.

On the other hand, a very large device indicates very low Ropt, which will be needing a very
large cascode device to present this Ropt to the main device. The large cascode periphery will
entail large parasitic capacitances, limiting the performance at higher frequencies. Additionally,
a low Ropt will scale up the transistor totem to a value N ·Ropt (where N is the number of
cascodes), which if it is low, then the transformation to 50Ω using the balun will not be an
easy task due to transformation losses: these losses are due to low coupling coefficient values
achieved, since primary and secondary windings will be very different in terms of diameter,
resulting thus in low coupling coefficient values and thus lower power transferred to 50Ω load.
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6.1. CMOS FDSOI

Figure 6.10: Loadline curves of CS FET for load ZL,0 = 2.88 + 0.22j (Ω)

The load pull simulation of the CS FET at the bias point highlighted in table 6.1 is shown
in figure 6.9. The optimum impedance of the CS FET, as shown in figure 6.9, is normalized to
Z0 = 50Ω and is calculated using the following equation:

Zopt,0 = (57.64 + 4.349j) · 10−3 · 50 (Ω) = 2.88 + 0.22j (Ω) (6.3)

The CS FET supports a maximum current swing that is double its bias current, Iswing ≈
2 · Ibias = 500mA. In terms of voltage, the maximum swing that the CS FET can accommodate
is dictated by its drain-source maximum operating voltage, Vswing = 2 ·Vmax = 2 ·0.9V = 1.8V.
For the CS FET to efficiently transfer maximum power to the load, it’s crucial that the load is
capable of handling both the highest possible current swing and the highest possible voltage
swing [28]. The load-line curves should be examined. If the load is purely resistive, the load-line
will be a straight line. If not, and the load exhibits reactive components, the load-line will take
on an elliptical shape.

The loadline curves for the load ZL,0 = 2.88 + 0.22j (Ω), as determined by the load-pull
analysis, are examined in figure 6.10. From figure 6.10, the maximum voltage swing of the load
is approximately 1.7 V, and the maximum current swing exceeds 500 mA. The appropriate
load has a relatively higher resistance, as higher resistance decreases the current swing while
increasing the voltage swing. The loadline curves are plotted using harmonic balance analysis,
where each curve corresponds to a specific input power level pin of the signal. The loadline
curve that shows the maximum voltage and current swings represents input power levels that
drive the power amplifier to the saturation of its output power.

The optimal load for maximizing the current and voltage swing is ZL,0 = 3.5 + 0.2j (Ω),
as shown in figure 6.11. As indicated in Figure 6.11, this load supports a maximum voltage
swing of 1.8V and a maximum current swing of 500 mA. The compression curve is presented in
figure 6.12. The output-referred compression point, OP1dB, reaches 19.5 dBm, which is higher
than the corresponding highlighted value shown in table 6.1.
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6.1. CMOS FDSOI

Figure 6.11: Loadline curves of CS FET for load ZL,0 = 3.5 + 0.2j (Ω)

Figure 6.12: OP1dB = 19.5 dBm of CS FET for ZL,0 = 3.5 + 0.2j (Ω)
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6.1. CMOS FDSOI

Figure 6.13: Schematic Design of 1-Stacked FET PA

To increase the output power delivered to the load, another device will be stacked onto the
CS FET. Transistor stacking refers to a series interconnection of transistors where common-
gate-like amplifiers are stacked on top of a common-source amplifier as shown in figure 6.13
[34]. The stacked configuration is similar to the cascode configuration, with the addition of a
resistor and capacitor at the gate of the stacked device.

The capacitor at the gate is used to create a voltage swing that is in phase with the
voltage swing at the drain. It also “shapes” the value of the input impedance “seen” when
looking into source terminal of this common gate device, as described in equation 5.6. This
improves the reliability of the stacked device by ensuring that Vdg < 2 · Vmax, where Vmax is
the maximum power supply voltage of the device.

The stack topology enhances the voltage handling capability of the circuit and hence
allows higher power supply voltage VDD to be used for the PA. For an N -stack topology
comprised of N identical transistors, VDD can be scaled to N · Vmax. However, the scaling of
VDD is on the condition that the gate bias voltages VG,n, (n = 1, 2, ..., N) are set correctly
such that VDD is distributed equally among the individual transistors in the stack (i.e.,
VDS,1 = VDS,2 = ... = VDS,N ).

With the equal DC drain source voltage VDS,n across each transistor, the RF drain-source
voltages of the individual transistors Vds,n, must also be tuned to have equal magnitude and
phase by loading the gates of the upper-stack transistors with the proper values of capacitance.
The gate capacitance of the n-th stacked device shapes its input impedance to match the
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6.1. CMOS FDSOI

Figure 6.14: Schematic design for the calculation of the input impedance of a stacked FET

optimal output impedance of the (n − 1)-th stacked device, Zopt,n−1. Ultimately, the equal
distribution of both DC and RF voltages allows the individual transistors to operate within
the drain-source breakdown voltage limit of a single transistor under a large-signal. The gate
resistor in stacked FETs, isolates the DC bias voltage from the gate’s voltage swing.

With the increase in the number of stacked FETs, the voltage swing at the drain of the
topmost stacked FET increases. That’s why larger voltage swing on the gate is needed, leading
to a reduction in gate capacitance. This decrease in gate capacitance ultimately limits the
practical number of stacked FETs that can be used [5].

In principle, by stacking N transistors, the RF output power can be increased by a factor
of N from that of a single transistor. However, in reality, the output power is lower than the
theoretical maximum value due to the losses in the transistors and non-ideal or out-of-phase
drain-source voltage combining.

To ensure the CS FET delivers maximum power to the load, it must ”see” the optimum
load impedance Zopt at its drain. This impedance is determined from load pull analysis and
loadline curves. In our case, from prior analysis, Zd,0 = ZL,0 = 3.5 + 0.2j (Ω). To achieve this,
the input impedance of the first Stacked FET, Zs,1, should match Zd,0.

The stacked device is egslvtnfet rf (medium oxide super low threshold voltage nfet) and
has an overdrive voltage Vmax,egslv = 2V . The egslvtnfet rf device has nf = 8, wf = 300 nm
and L = 150 nm. From the above, to produce the maximum power to the load, each stacked
FET must be biased to its overdrive voltage. The first stacked FET will have a bias voltage at
the drain

VD,1 = VDS,1 + VDS,0 = Vmax,egslvt + Vmax = 2.9V (6.4)
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6.1. CMOS FDSOI

Figure 6.15: Input Impedance of first stacked FET, Zin,1, versus multiplier on a Smith Chart.

The input impedance of the first stacked FET is measured using the schematic shown in
Figure 6.14. In this configuration, the input impedance is measured at the source of the first
stacked FET using SP analysis. The optimum output impedance is connected at the drain of
the first stacked FET, as it influences the input impedance of this device. Additionally, the
gate capacitance of the first stacked FET serves as AC coupling. It is initially set to a large
value, 3 pF, to minimize its impact on the input impedance. The DC bias voltages and currents
in the configuration shown in figure 6.14 are consistent with those used in the 1-Stacked PA.

As previously mentioned, the input impedance of the first stacked FET must match the
optimum load impedance of the CS FET, as determined through power matching. To accomplish
that, the multiplier of the first stacked FET is varied to ensure that Re{Zin,1} ≃ Re{Zopt,0}.
The Smith Chart, as illustrated in figure 6.15, is normalized to Re{Zopt,0} = 3.5 Ω, and it
depicts the input impedance of the first Stacked FET as a function of its multiplier. The
input impedance is measured using SP analysis at the operation frequency of the stacked PA,
5GHz. As shown in figure 6.15, the input impedance of the stacked FET is capacitive and the
optimum load impedance of the CS FET is inductive. This indicates an interstage mismatch
between the CS FET and the first stacked FET, which introduces power loss [35]. This is why
only the real parts of the above impedances can be matched.

It is evident from the figure that the multiplier must be 256 or higher to approximately
match the input impedance of the first stacked FET with the optimum load impedance of
the CS FET. To determine the multiplier of the first stacked FET (256, 512, or 1024), the
OP1dB, PAE, and power gain will be compared, with the primary criterion being OP1dB. For
a multiplier of 256, after performing load pull analysis and evaluating the loadline curves, the
optimum load for the 1-Stacked PA is found to be Zopt,1 = 11 + 0.2j. The loadline curves
are presented in Figure 6.16, demonstrating that the two FETs achieve maximum voltage
and current swing. The compression curve, power-added efficiency (PAE), and power gain
are obtained using harmonic balance analysis at 5GHz. The compression curve and PAE are
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6.1. CMOS FDSOI

Figure 6.16: Loadline curves of CS FET (left) and first stacked FET (right) with multiplier of 256 for
load Zopt,1 = 11 + 0.2j.

Multiplier 256 512 1024

OP1dB (dBm) 23.2 24.2 24.5

PAE (%) 43.9 52.6 54.55

Power Gain (dB) 12.4 13.3 13.3

Table 6.2: Metrics of 1-Stacked PA in function of the multiplier of the first stacked FET.

shown in Figures 6.17 and 6.18, respectively.

The same procedure is followed for a multiplier of 512. The optimum load, determined
through load pull analysis and loadline curves, remains unchanged at Zopt,1 = 11 + 0.2j. The
loadline curves are shown in figure 6.19. Additionally, the compression curve and power-added
efficiency (PAE) for the operating frequency of 5 GHz are presented in figures 6.20 and 6.21,
respectively. The output-referred 1 dB compression point (OP1dB) increases by 1 dB, and the
PAE improves by 8%, as demonstrated in the referenced figures.

The optimum load remains unchanged for the multiplier of 1024, as demonstrated by the
loadline curves in Figure 6.22. The compression curve and power-added efficiency (PAE) are
shown in Figures 6.23 and 6.24, respectively. Doubling the stacked FET devices does not result
in an improvement in output compression or PAE. The power gain achieved for the 1-Stacked
PA with each multiplier is illustrated in Figure 6.25. Both the 512 and 1024 devices of the
stacked FET achieve the same power gain, which is 1 dB higher than that of the 256 devices.

The metrics achieved by the 1-Stacked PA based on the multiplier of the stacked FET are
summarized in table 6.2. From Table 6.2, the configuration with a multiplier of 512 is selected
due to its improved PAE, OP1dB, and power gain compared to the 256-device configuration.
Additionally, doubling the number of devices to 1024 does not further enhance these metrics,
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6.1. CMOS FDSOI

Figure 6.17: Compression curve of 1-Stacked PA for multiplier of 256, OP1dB = 23.23 dBm

Figure 6.18: PAE of 1-Stacked PA for multiplier of 256, PAE = 43.9%
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Figure 6.19: Loadline curves of CS FET (left) and first stacked FET (right) with multiplier of 512 for
load Zopt,1 = 11 + 0.2j.

Figure 6.20: Compression curve of 1-Stacked PA for multiplier of 512, OP1dB = 24.24 dBm
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Figure 6.21: PAE of 1-Stacked PA for multiplier of 512, PAE = 52.6%

Figure 6.22: Loadline curves of CS FET (left) and first stacked FET (right) with multiplier of 1024 for
load Zopt,1 = 11 + 0.2j.
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Figure 6.23: Compression curve of 1-Stacked PA for multiplier of 1024, OP1dB = 24.5 dBm

Figure 6.24: PAE of 1-Stacked PA for multiplier of 1024, PAE = 54.5%
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Figure 6.25: Power Gain of 1-Stacked FET PA for multipliers 256, 512 and 1024.

as they remain unchanged.

The shunt capacitor at the gate of the second stacked FET is set to 1.5 pF. This capacitor
is chosen to ensure that, at the 1-dB compression point, the Vgd and Vds do not exceed their
breakdown limits. For the CS FET (thin oxide slvtnfet rf), Vmax,slvt = 0.9V, implying that
Vgd,ds ¬ 1.8V. For the first stacked FET (medium oxide egslvtnfet rf), Vmax,egslvt = 2V,
implying that Vgd,ds ¬ 4V.

Theoretically, with the addition of the first stacked FET device, the supply voltage increases
to 2.9V from 0.9V, implying that the output power delivered to the load must increase by
a factor of 2.90.9 = 3.2, or 10 · log (3.2) = 5.05 dB. The increase in OP1dB with the addition of
the stacked FET is 4.74 dB, comparing figures 6.12 and 6.20. This result is very close to the
theoretical value.

A second egslvtnfet rf device will be stacked, increasing the supply voltage of the
2-Stacked PA by Vmax,egslvt = 2V, resulting in VDD = 4.9V. The schematic design of the
2-Stacked PA is illustrated in figure 6.26.

The multiplier of the second stacked FET is swept to match the input impedance of the
second stacked FET to the optimum load of the 1-Stacked PA, ensuring that Re{Zin,2} ≈
Re{Zopt,1} ≈ 11Ω. As shown in figure 6.27, the appropriate multipliers are 128, 256, 512,
and 1024, which allow for impedance matching. This approach ensures the input impedance
of the second stacked FET aligns with the optimum load impedance of the preceding stage,
maintaining performance and minimizing power loss.

For a multiplier of 128, VG,2 > 4.9V is required to achieve Vd,1 = 2.9V. Consequently,
Vgs,2 > 2V, causing the gate-source junction to exceed its breakdown voltage. Therefore, a
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Figure 6.26: Schematic Design of 2-Stacked FET PA

Figure 6.27: Input impedance of the 2nd Stacked FET versus the multiplier. The characteristic impedance
of the Smith Chart is Z0 = Re{Zopt,1} = 11 Ω.
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6.1. CMOS FDSOI

Figure 6.28: From Load-Pull Analysis: Zopt,2 = (432.7 + 3.547 · j) · 10−3 · 50 (Ω) = 21.635 + 0.177j (Ω)

Figure 6.29: Load-line curve for Zopt,2 = 18 + 0.2j (Ω)

multiplier of 128 is not selected.

For a multiplier of 256, load pull analysis is conducted, and the Smith Chart is presented in
figure 6.28. The optimum load for the 2-Stacked PA, with the topmost FET having a multiplier
of 256, is Zopt,2 = 21.635 + 0.177j (Ω). However, the load line curve indicates that the current
swing of the 2nd Stacked FET is low, suggesting the need for a smaller impedance.

Figure 6.29 demonstrates that the load Zopt,2 = 18 + 0.2j (Ω) achieves the maximum
current and voltage swing across all stacked FETs, making it the optimal load for power
matching. This load is also optimal for multipliers of 512 and 1024.

The metrics achieved by the 2-Stacked PA based on the multiplier of the second stacked
FET are summarized in table 6.3. From table 6.3, the configuration with a multiplier of 256 is
selected because increasing the number of devices to 512 or 1024 does not further improve the
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Multiplier 256 512 1024

OP1dB (dBm) 26.1 26.3 26.2

PAE (%) 51.2 53.0 52.6

Power Gain (dB) 15.4 15.3 15.0

Table 6.3: Metrics of 2-Stacked PA in function of the multiplier of the second stacked FET

above metrics. The shunt capacitance at the gate of 2nd stacked FET, designed to prevent
breakdown for Pin ¬ IP1dB is C2 = 150 fF. This is validated by transient and harmonic balance
analysis, plotting the gate and drain voltages of the stacked FETs and subtracting them
for each stacked FET. OP1dB is increased by 1.9 dB with the addition of the 2nd Stacked
FET, compared to the results in table 6.2. Theoretically, the addition of the second stacked
FET should enhance the OP1dB by 10 · log

VDD,2-stacked
VDD,1-stacked

= 2.3 dB, which aligns closely with the
experimental result.

The stacked PA will be power matched to an output port of 50Ω. This requires an output
balun with a transformation ratio given by:

n =

√
|Zport|
|Zopt,2|

=

√
50√

182 + 0.22
= 1.67 (6.5)

This implies that a 1:2 output balun will be used. However, such a balun would have a
low coupling coefficient, resulting in significant power loss [17]. To address this issue, a third
stacked FET will be added to increase Zopt, enabling a 1:1 transformation ratio [36].

The schematic design of the 3-Stacked PA is shown in figure 6.30. The supply voltage is
increased by Vmax,egslvtnfet = 2V, resulting in VDD = 6.9V. The multiplier of the third stacked
device, Zin,3, is swept to match its input impedance to the optimum output impedance of the
2-Stacked PA, Zopt,2. The input impedance as a function of the multiplier is illustrated in
figure 6.31 using a Smith Chart normalized to Re{Zopt,2} = 18Ω. It is evident that appropriate
multipliers are 128, 256, 512, and 1024, ensuring that Re{Zin,3} ≃ Re{Zopt,2}.

For a multiplier of 256, Vg,3 > 6.9V is required to achieve Vs,4 = 4.9V, causing the DC
gate-source voltage to exceed its breakdown limit. Therefore, a multiplier of 256 is not selected,
leading to the choice of a larger multiplier to reduce the drain-source resistance. Ultimately,
a multiplier of 512 is chosen, as increasing the number of devices in the third stacked FET
does not improve the performance of the 3-Stacked PA, as shown in table 6.4. After load
pull analysis and loadline curves, the optimum load for power matching is determined to be
Zopt,3 = 27 + 11j Ω. The transformation ratio is calculated as

n =

√
|Zport|
|Zopt,3|

=

√
50√
272 + 112

= 1.3 (6.6)

This results in 1:1 impedance transformation ratio for the output balun, minimizing
transformation loss.
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6.1. CMOS FDSOI

Figure 6.30: 23) Schematic Design of 3-Stacked PA

Multiplier 512 1024

OP1dB (dBm) 27.4 27.6

PAE (%) 52 54.1

Power Gain (dB) 17 17.5

Table 6.4: Metrics of 3-Stacked PA in function of the multiplier of the third stacked FET

The loadline curves for the CS FET and stacked FETs are shown in figures 6.32–6.35.
Additionally, the compression curve, PAE, and power gain achieved by the 3-Stacked PA are
shown in figures 6.36–6.38, respectively. The OP1dB of the 3-Stacked PA is increased by 1.3 dB
compared to the 2-Stacked PA, which is close to the theoretical value of 10 · log VDD,3-stackedVDD,2-stacked

=
1.48 dB.

The single-ended amplifier design becomes differential, to enhance the linearity of the
3-Stacked PA and increase the OP1dB by 3 dB, as explained in section 2.9. The schematic
design of the differential 3-Stacked PA is shown in figure 6.39. The single-ended 3-Stacked PA
has been duplicated, and ideal baluns are inserted in input and output to convert between
single ended and differential signals. The bias at the gate of the CS FETs is given from the
center tap of the ideal balun in the input, using a diode-connected transistor and forming a
current mirror. The bias at the drains of the third stacked FETs is given from the center tap
of the output balun. The input and output ports have an impedance of 50Ω. The differential
3-Stacked PA is going to be power matched to the output port and conjugated matched to
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6.1. CMOS FDSOI

Figure 6.31: Input impedance of the 3rd Stacked FET versus the multiplier. The characteristic impedance
of the Smith Chart is Z0 = Re{Zopt,2} = 18 Ω.

Figure 6.32: Loadline curve of CS FET

Figure 6.33: Loadline curve of first Stacked FET
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6.1. CMOS FDSOI

Figure 6.34: Loadline curve of second Stacked FET

Figure 6.35: Loadline curve of third Stacked FET

Figure 6.36: Compression curve of 3-Stacked PA, OP1dB = 27.3 dBm
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6.1. CMOS FDSOI

Figure 6.37: PAE of 3-Stacked PA, PAE = 52.1%

Figure 6.38: Power Gain of 3-Stacked PA, Pgain = 17.2 dB
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6.1. CMOS FDSOI

Figure 6.39: Schematic Design of the Differential 3-Stacked FET PA

input part using a L-matching network. The differential 3-Stacked PA is going to operate at
n79 5G NR frequency band, which is at 4.4-5 GHz [37].

The single-ended amplifier design is converted to a differential design to enhance the
linearity of the 3-Stacked PA and increase the OP1dB by 3 dB, as explained in section 2.9. The
schematic design of the differential 3-Stacked PA is shown in figure 6.39. The single-ended
3-Stacked PA has been duplicated, and ideal baluns are inserted at the input and output
to convert between single-ended (unbalanced) and differential (balanced) signals. The gate
voltage bias of the CS FETs is provided from the center tap of the ideal balun at the input,
using a diode-connected transistor to form a current mirror. The drain voltage bias of the
third stacked FETs is supplied from the center tap of the output balun. The input and output
ports each have an impedance of 50Ω.

The differential 3-Stacked PA will be power matched to the output port and conjugated
matched at the input using an L-matching network. It is designed to operate in the n79 5G
NR frequency band, which spans 4.4–5 GHz [37].

As indicated by the load pull analysis and loadline curves, the optimum load for the
differential 3-Stacked PA is Zopt = 50+8.8j Ω. Consequently, a balun with a 1:1 transformation
ratio is required at the output to power match the PA to the output port impedance of 50Ω.
With the optimum load impedance applied at the output port, harmonic balance analysis
demonstrates a 3 dB increase in the output 1 dB compression point, achieving OP1dB =
30.86 dBm at 5GHz.

84



6.1. CMOS FDSOI

Figure 6.40: Compression curve of differential 3-Stacked PA with ideal balun at output, OP1dB =
30.86 dBm.

To validate that 1:1 transformation ratio is needed to the output port, an ideal xfmr
(transformer) is used. The primary and secondary turns are set n1 = n2 = 2, respectively. The
schematic design using the xfmr at the output is shown in figure 6.41. It is known that:

Zp =
(
n1
n2

)2
· ZL (6.7)

where Zp is the impedance observed from primary coil and ZL is the load impedance,
ZL = 50 Ω.

The 1:1 impedance transformation ratio results in full current and voltage swing for the
CS FET and 3 Stacked FETs, as shown in figures 6.41-6.44. According to the figures, all the
FETs exhibit elliptic loadline curves with full current and voltage swing.

The ideal xfmr will be replaced with a non-ideal balun model. The circuit schematic of
the non-ideal balun and it’s symbol view are shown in figures 6.46 and 6.47, respectively. The
primary inductor, Lp, is magnetically coupled to the secondary inductor, Ls, with a coupling
coefficient, 0 ¬ k ¬ 1. At k = 1, magnetic flux transfers from the primary inductor to the
secondary inductor without loss. For this design, the coupling coefficient is set to k = 0.6.
The series resistance of all inductors is determined by their quality factors. For this design,
Qp = 12, Qs = 4. The resistances of the inductors are calculated by the following equation

Rp,s =
ω · Lp,s
Qp,s

(6.8)

The input impedance of the balun, with its primary and secondary inductances swept
(where Lp = Ls), is measured in the schematic shown in figure 6.48 at 5GHz. The resulting
input impedance is depicted in figure 6.49. It can be observed that there is a significant
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6.1. CMOS FDSOI

Figure 6.41: Schematic Design using xfmr (ideal transformer) at output

Figure 6.42: Loadline curve of 3rd Stacked FET

Figure 6.43: Loadline curve of 2nd Stacked FET
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6.1. CMOS FDSOI

Figure 6.44: Loadline curve of 1st Stacked FET

Figure 6.45: Loadline curve of CS FET

Figure 6.46: Circuit schematic of non-ideal balun model.
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6.1. CMOS FDSOI

Figure 6.47: Symbol view of non-ideal balun model.

Figure 6.48: Schematic Design to calculate input impedance of balun

inductive component. To compensate for this, a capacitor is added in parallel with the balun’s
output. The primary and secondary inductances selected are Lp = Ls = 0.5 nH, and the
parallel capacitor used has a value of C = 2pF. After resonance, the input impedance of the
output balun is shown in figure 6.50. It can be observed that the inductive component is
canceled out, and the real part of the input impedance of the balun closely matches the real
part of the optimum impedance, Re{Zopt}, of the differential 3-stacked PA.

The bias current of the differential 3-Stacked PA is reduced to enable operation in Class
AB. In Class AB, gain expansion is observed. With gain expansion, the power gain is reduced
due to the lower bias current, but OP1dB is increased. To achieve Class AB operation and
observe gain expansion, the CS FETs must be biased near their threshold voltage (Vth). A gain
expansion of less than 0.5 dB is preferred, as it provides the best compromise between OP1dB
and the linearity of the PA, which directly impacts the EVM (Error Vector Magnitude) [38].

The next step involves replacing the analogLib components (capacitors, inductors, resis-
tances) with their corresponding elements from the 22FDX PDK. Additionally, the simplified
model of the output balun is replaced by a stacked balun from 22FDX technology. The final
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6.1. CMOS FDSOI

Figure 6.49: Input Impedance of output balun

Figure 6.50: Input Impedance of output balun with shunt capacitor
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Figure 6.51: Final schematic design of differential 3-Stacked PA.

schematic design is shown in figure 6.51. At the center frequency of the C-band, 4.7GHz, the
differential 3-Stacked PA achieves OP1dB = 28.14 dBm, Pgain = 26dB, and PAE = 30%, as
shown in figures 6.52–6.54.

6.2 GaN HEMT

The design procedure follows the same design methodology as in CMOS FDSOI. First,
the GaN HEMT device, with the model name GH15NHF (GaN HEMT 150µm Non-Linear
Hot FET model), needs to be characterized. The current density characteristics are shown in
figures 6.55–6.58. The CS FET is biased with 480mA and has a gate width of wf = 100µm,
number of fingers nf = 12, and multiplier mul = 8. The drain voltage is biased at 20V, and
the gate voltage is set to −2.8V, above the threshold voltage of the device, Vth = −3.2V.

As shown in figures 6.55 and 6.56, for J > 100mA/mm, Gmax and fmax remain nearly
constant. For J < 50mA/mm, Gmax and fmax decrease significantly. From Figure 6.57, NFmin
remains almost constant across the current density range. From Figure 6.58, the device is
not unconditionally stable across the current density range. By using cascode FETs and an
output balun, |S12| will be reduced (improving reverse isolation), and the stability factor Kf
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6.2. GaN HEMT

Figure 6.52: Compression curve of differential 3-Stacked PA, OP1dB = 28.14 dBm

Figure 6.53: Power gain of differential 3-Stacked PA, Pgain = 26dB

Figure 6.54: PAE of differential 3-Stacked PA, PAE = 30%
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6.2. GaN HEMT

Figure 6.55: fmax (GHz) in function of current density J (mA/mm)

Figure 6.56: Gmax (dB) in function of current density J (mA/mm)

will increase, given by:

Kf =
1− |S11|2 − |S22|2 + |∆|2

2 |S12 · S21|
(6.9)

Based on these observations, the device will be studied at J = 50mA/mm and J =
100mA/mm. The same table as table 6.1 will be calculated for the GaN HEMT technology.
The results are presented in table 6.5. For the CS FET, a multiplier of 8 is chosen with a bias
current of Ibias = 480mA. The key metrics are highlighted in table 6.5. The current density
J = 50mA/mm is selected due to its lower power consumption. A multiplier of mul = 16 is
not selected because it exhibits lower power gain compared to mul = 8, although OP1dB is
increased by 5.5 dB in the former case.

The design methodology for the GaN HEMT stacked PA is the following:

1. Select the multiplier (e.g. 2,4,8) for the stacked device, while keeping the gate width (e.g.
100µm) and the number of fingers (e.g. 12) fixed.
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6.2. GaN HEMT

Figure 6.57: NFmin (dB) in function of current density J (mA/mm)

Figure 6.58: Kf , B1f (−) in function of current density J (mA/mm)

Multiplier Width (mm) J (mA/mm) Ibias (mA) Zopt (Ω) Zin (Ω) OP1dB (dBm) Gain (dB) PAE @1dBCP (%)

1 1.2
50 60 20 + 32j 0.24− 12j 17.5 32 4.5
100 120 19 + 35j 0.29− 11j 25.2 32 13.8

2 2.4
50 120 12 + 20j 0.32− 5.7j 23.1 27.8 8.3
100 240 10 + 15.7j 0.26− 5.8j 28.6 29.7 15

4 4.8
50 240 5 + 7j 0.12− 3.4j 25.8 29.6 7.8
100 480 6.4 + 9.3j 0.25− 2.89j 32.4 26.7 17.9

8 9.6
50 480 3.3 + 5.5j 0.11− 1.63j 32.8 26.8 19.2
100 960 4 + 3.5j 0.23− 1.7j 40.4 24.4 56.3

16 19.2
50 960 3 + 1.3j 0.2− 1j 38.3 21.6 34.3
100 1920 3.4 + 2j 0.2− 1j 41.7 22.3 37.7

Table 6.5: Metrics for CS FET with Wf = 100 um, Nf = 12, VD = 20V .
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6.2. GaN HEMT

Multiplier C2 (pF) OP1dB (dBm) PGain (dB) PAE (%) Zin (Ω) Zopt (Ω)

8 1.5 37.2 27.4 26.5 0.18− 1.72j 4.24 + 9.2j

4 1.7 38.1 27.4 33.5 0.24− 1.86j 6.7 + 9.7j

2 2.6 38.1 31.7 33.6 0.18− 1.80j 16.5 + 18.5j

Table 6.6: 1-Stacked PA, Ibias = 480 mA, class A

2. Initially, choose a large capacitor (e.g. 10 pF) at the gate of the stacked device to serve
as an AC ground.

3. Perform load pull analysis to determine the optimum load impedance for the stacked PA
that maximizes the saturation output power, Psat.

4. Sweep the shunt capacitor at the gate of the stacked device. Adjust its value to match
the input impedance of the stacked FET to the optimum load of the stacked PA. Ensure
the drain-gate voltage, Vdg, does not exceed the recommended operating ratings (ROR)
of the device (Vdg < 65V ).

5. Once the multiplier, load impedance and shunt capacitor are determined, calculate OP1dB,
PAE and PGain.

6. Choose the multiplier, load impedance and shunt capacitor at the gate with the best
metrics. The main purpose is to maximize OP1dB and PGain since the primary goal of a
PA is to produce output power for low input power levels in a transmitter chain.

The metrics of the 1-Stacked PA are shown in table 6.6, along with the chosen capacitor
at the gate of the first stacked FET. The bias current, Ibias, will be reduced to allow the
Stacked FET to operate in class AB. In class AB, the PA exhibits Gain Expansion (G.E),
which increases OP1dB and PAE. Generally, G.E should be limited to under 0.5 dB to achieve
an optimal trade-off between OP1dB enhancement, PAE improvement, and maintaining low
nonlinearity. Based on the results in table 6.7, a multiplier value of 8 is selected for the first
stacked device. The multiplier of 8 offers the highest OP1dB, PGain, and the lowest output
impedance, minimizing the mismatch with the input impedance of the 2nd Stacked FET. The
supply voltage of the 1-Stacked PA is VDD = 2 · Vmax,GH15NHF = 40V . The bias current is 270
mA and the gate voltage of the CS FET is biased close to the threshold voltage at -2.96V.

The compression curve and power gain of the 1-Stacked PA are shown in figures 6.59
and 6.60, respectively. The loadline curves of the CS FET and the first Stacked FET are
presented in figures 6.61 and 6.62, respectively, demonstrating full voltage and current swings.
The capacitor at the gate of the first Stacked FET, in addition to enabling power matching
between the CS FET and the first Stacked FET, ensures the reliability of the devices. At the
1dB compression point, the drain-gate voltages of the devices remain well below 65V, which is
the maximum recommended drain-gate voltage difference. The drain-gate voltages at the 1dB
compression point are shown in figure 6.63.
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Multiplier
Ibias

(mA)
C2

(pF)
OP1dB

(dBm)
PGain

(dB)
G.E
(dB)

Zin

(Ω)
Zopt

(Ω)

8 270 1.5 45.3 25.4 0.6
0.18−
1.7j

4.24+
9.2j

4 240 1.7 44 21.7 0.5
0.24−
1.9j

6.7 +
9.7j

2 220 2.6 42.1 23.7 0.5
0.18−
1.8j

16.5+
18.5j

Table 6.7: 1-Stacked PA, class AB

Figure 6.59: Compression curve of 1-Stacked PA, OP1dB = 45.3 dBm
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Figure 6.60: Power gain of 1-Stacked PA, Pgain = 25.4 dB

Figure 6.61: Loadline curve of CS FET in 1-Stacked PA.
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Figure 6.62: Loadline curve of first stacked FET in 1-Stacked PA.

Figure 6.63: Drain-Gate Voltages of CS FET (S1) and first Stacked FET (S2) at 1dB compression
point.

97



6.2. GaN HEMT

Multiplier
Ibias

(mA)
OP1dB

(dBm)
PGain

(dB)
G.E
(dB)

PAE
(%)

Zin

(Ω)
Zopt

(Ω)

8 230 47.85 25.9 0.5 45.3
0.45−
2.4j

8 + 7j

4 186 46.6 25.7 0.5 40.2
0.39−
2.3j

13+6j

2 159 41.4 27.7 0.6 30
0.35−
2.4j

20+14j

Table 6.8: 2-Stacked PA, class AB

The design methodology for the second stacked FET follows the same process as that of
the first stacked FET. The design choice for the second stacked FET is presented in table 6.8.
A multiplier of 8 is selected for the second stacked FET with a bias current of Ibias = 230mA,
as it achieves the highest OP1dB. The bias current of 230mA is chosen to enable Class AB
operation, facilitating gain expansion in the 2-Stacked PA. Compression, power gain, PAE,
and loadline curves are generated and shown in figures 6.64-6.69, respectively.

The drain-gate voltages of all FETs at the 1 dB compression point are illustrated in figure
6.70, confirming their reliability as Vdg < 65V. The reliability of the devices is also ensured
at the gate-source junction, as shown in figure 6.71, where Vgs > −15V. The drain and gate
voltages of all FETs are depicted in figure 6.72.

For each stacked device added, the drain voltage swing is doubled, contributing to the
increase in output power of the stacked PA. The drain and gate voltages are in phase, and the
gate voltage swing of the k-th stacked FET is slightly less than the drain voltage swing of the
(k− 1)-th stacked FET. This occurs due to the voltage divider effect caused by the gate-source
capacitance of each FET. This behavior ensures the reliability of the devices at the drain-gate
junction.

The single-ended 2-Stacked PA will be converted to a differential configuration. Ideal
baluns are incorporated at the input and output. At the input, two series-connected L-matching
networks are utilized to achieve a broader bandwidth [14]. The schematic design is illustrated
in figure 6.73.

The multipliers selected from the single-ended PA are (8, 8, 8). To maintain the same
multiplier ratio across all FETs and preserve interstage matching, the multipliers will be
proportionally reduced to save chip area and enhance the output impedance Zopt,2. This
adjustment minimizes magnetic losses in the output balun. Load-pull analysis will be conducted
for the multiplier configurations (8, 8, 8), (4, 4, 4), and (2, 2, 2). For each configuration, the
optimum load impedance determined by the load-pull analysis will be used to generate
compression, PAE, and power gain curves.

The results are summarized in table 6.9. Based on table 6.9, the multipliers (4, 4, 4)
are selected as they reduce Ibias and improve PAE, with only a 1dB reduction in OP1dB.
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Figure 6.64: Compression curve of 2-Stacked PA.

Figure 6.65: Power Gain of 2-Stacked PA.
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Figure 6.66: PAE of 2-Stacked PA.

Figure 6.67: Loadline of CS FET of 2-Stacked PA.
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Figure 6.68: Loadline of first stacked FET of 2-Stacked PA.

Figure 6.69: Loadline of second stacked FET of 2-Stacked PA.

101



6.2. GaN HEMT

Figure 6.70: Drain-gate voltages of FETs of 2-Stacked PA.

Figure 6.71: Gate-source voltages of FETs of 2-Stacked PA.
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Figure 6.72: Drain and Gate voltages of FETs of 2-Stacked PA.

Figure 6.73: Schematic Design of differential 2-Stacked PA
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Multipliers
Ibias

(mA)
OP1dB

(dBm)
Psat

(dBm)
PGain

(dB)
G.E
(dB)

PAE
(%)

Zopt

(Ω)

(8,8,8) 408 47.8 48.9 22.0 0.50 27.8
10 +
8j

(4,4,4) 136 46.7 48.2 24.1 0.35 37.0
16 +
4j

(2,2,2) 117 45.2 46.5 25.7 0.50 35.4
19 +
5j

Table 6.9: Metrics of 2-Stacked Differential PA

Figure 6.74: Compression curve of differential 2-Stacked PA for the highlighted operating point in table
6.9.

Additionally, the increase in Re{Zopt} enables the use of a 1:1.5 turns ratio instead of 1:2,
which further reduces magnetic losses in the output balun. The multipliers (2, 2, 2) are not
selected because PAE remains unchanged while OP1dB decreases compared to the multipliers
(4, 4, 4).

The performance of the differential 2-Stacked PA with multipliers (4, 4, 4) is shown in
the following figures. The compression curve, power gain, and PAE are illustrated in figures
6.74-6.76. The loadline curves of the FETs are presented in figure 6.77. The drain-gate voltages
of the FETs at output power saturation are depicted in figure 6.78, validating their reliability.
The same reliability holds for the gate-source voltages, as shown in figure 6.79. Finally, the
drain and gate voltages of the FETs at output power saturation are shown in figure 6.80.

The output ideal balun is replaced with the simplified balun model described in the 22FDX
Stacked FET design. This model is used to simulate the magnetic losses of the balun. The
parameters of the simplified balun model are the following:
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Figure 6.75: Power Gain of differential 2-Stacked PA for the highlighted operating point in table 6.9.

Figure 6.76: PAE of differential 2-Stacked PA for the highlighted operating point in table 6.9.
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Figure 6.77: Loadline curves of differential 2-Stacked PA.

Figure 6.78: Drain-gate voltages of differential 2-Stacked PA in saturation of output power.
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Figure 6.79: Gate-source voltages of differential 2-Stacked PA in saturation of output power.

Figure 6.80: Drain and gate voltages of differential 2-Stacked PA in saturation of output power.
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Figure 6.81: Schematic design of differential 2-Stacked PA.

• Coupling Coefficient: k = 0.6
• Turn Ratio: n = 1.5
• Quality Factors : Qp = 12, Qs = 6
• Inductances of Windings: Lp = 1.1 nH, Ls = n2 · Lp = 2.5 nH

The ideal capacitors and resistors are replaced with the corresponding elements provided
by the UMS-GH15 PDK:

• Capacitors: Low Density (175 pF/mm2) MIM (Metal-Insulator-Metal)
• Resistors: TiWSi (1000Ω/□2)

The bias current is swept to determine the optimum quiescent operating point for Class
AB operation, ensuring reasonable gain expansion. The final schematic design is shown in
figure 6.81. The response of the differential 2-Stacked PA is presented in the following figures
at the center frequency of 4.7 GHz. The compression curve, depicted in figure 6.82, indicates
an OP1dB of 44.5 dBm. The power gain, shown in figure 6.83, is Pgain = 22.7 dB. The PAE,
illustrated in figure 6.84, achieves a maximum value near the 1dB compression point, reaching
18.3%.

The S-parameters of the differential 2-Stacked PA are shown in figures 6.85-6.87. From
S11, it is evident that the PA is perfectly matched at the input at a frequency of 4.7GHz. The
S12 is approximately −50 dB, validating the excellent isolation of the stacked FET design. The
S21 is maximized at 4.7GHz, achieving a gain of 22.7 dB, and the −3 dB bandwidth of the
design spans 4.4-5GHz (n79 frequency band, C band). The S22 is below −0.5 dB, indicating a
reasonable output match for a PA design.
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Figure 6.82: Compression curve of differential 2-Stacked PA.

Figure 6.83: Power gain of differential 2-Stacked PA.

Figure 6.84: PAE of differential 2-Stacked PA.
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Figure 6.85: S11, S12 (dB) of differential 2-Stacked PA.

Figure 6.86: S21 (dB) of differential 2-Stacked PA.

Figure 6.87: S22 (dB) of differential 2-Stacked PA.
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6.3 Comparison with other works

Ref Proc Freq (GHz) OP1dB (dBm) Psat (dBm) Pgain (dB) PAE (%)

This work 22nm FDSOI 4.4-5 28.1 30 26 30

[39] 180nm CMOS 4.2-5.2 25.1 27.8 11.6 32

[2] 28nm FDSOI 4.5-5.5 NA 23 16.5 NA

This work 150nm GaN 4.4-5 44.5 46 22.7 16

[40] 250nm GaN 5-5.8 NA 46 21 46

[41] 250nm GaN 4.4-5.1 NA 42 17 62

Table 6.10: Comparison of Power Amplifiers Designed in Different Processes

In this section, the high-power PAs designed in this thesis are compared with state-of-the-
art high-power PAs. From table 6.10, it is evident that the 22nm FDSOI Stacked PA design
presented in this thesis achieves higher output power levels and significantly higher power gain
while maintaining approximately the same power-added efficiency (PAE), as compared with
the other CMOS PAs.

On the other hand, the 150nm GaN Stacked PA presented in this thesis delivers output
power levels that are slightly higher or comparable to those of other GaN designs listed in
table 6.10, with similar power gain but lower PAE. This suggests that the voltage supply or
bias current should be reduced at the cost of some output power.

As highlighted in the table, GaN-based PAs achieve much higher output power (up to
40 times larger) compared to their CMOS counterparts, while also exhibiting higher power
gains. This is attributed to the significantly higher breakdown voltages of GaN HEMT devices,
making them ideal for PA design.

In conclusion, the PA designs presented in this thesis demonstrate comparable performance
to state-of-the-art designs. However, it is important to note that the current results are based
on schematic-level design. Layout implementation, which introduces parasitic effects, will
slightly degrade performance, as would be demonstrated in post-layout simulations.

6.4 Conclusion and Future Work

This thesis demonstrates two high-power Stacked PA designs for 5G NR base station
applications. The designs utilize GaN and CMOS FDSOI technologies, operating in the
n79 frequency band (4.4–5 GHz). The GaN PA design achieves high output power levels of
46 dBm, which translates to 40W. In contrast, the CMOS PA design also achieves high output
power levels, comparable to other CMOS PA designs, at 30 dBm, corresponding to 1W. The
substantial difference in output power levels between GaN and CMOS FDSOI PAs arises
from the significantly higher breakdown voltage of GaN technology. The designs have been
thoroughly analyzed, with the corresponding design choices explained in detail. The Stacked
PA architecture has been described step by step for both technologies.
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6.4. Conclusion and Future Work

For future work, the layout implementation of both designs should be completed, and
post-layout verification should be conducted. To further enhance the performance, particularly
the power gain of the GaN PA, the CMOS stacked PA will be used as its driver stage. Due to
the cascaded configuration of the above two Stacked PAs, the final power gain is expected to
reach levels of 50 dB within the n79 frequency band.

The CMOS FDSOI stacked PA can effectively drive the GaN PA whose input-referred 1 dB
compression point is IP1dB = 23dBm, which is significantly lower than the output-referred
1 dB compression point of the CMOS stacked PA, OP1dB = 28.2 dBm. The driver stage (CMOS
stacked PA) and the PA (GaN stacked PA), connected in a cascaded configuration, will be
taped out and their performance will be evaluated through electrical measurements in the
laboratory.
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